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Preface

The information technology (IT) has been developing at an unimaginable speed
in the recent two decades and we are witnessing great changes in electronic de-
vices and related industries such as automobile, telecommunication and com-
puter. As the semiconductor device scaled down from several micrometers to
tens of nanometers and more performance circuitries are expected to appear so
as to increase the volume/bandwidth/speed of fundamental hardwares that IT
industry demands, traditional circuit design methodology is no longer capable of
covering all aspects required to meet the ever increasing requirements, especially
some coming from statistical views. As an example, only with the aid of modern
noise modeling and frequency domain system analysis can the communication
circuits and systems keep up with the fast changing pace anticipated.

For high volume memories, the production yield is facing a similar challenge.
On one hand, the ever increasing bit density emphasizes the significance of circuit
yield. On the other hand, design for yield of memory circuits is in an embarrassing
situation since until now there is no widely accepted methodology. As a conse-
quence, more efforts have to be taken in back-end testing and measurements. In
this dissertation, analytical yield analysis of DRAM core is carried out based on
traditional small signal circuit analysis, probability theories and Gaussian ap-
proximations. It has superior computation speed and accuracy. In order to verify
the model, it is applied to several designs and shows good agreements with sili-
con measurements. It is promising to pave the way for yield design, testing and
optimization of other memory devices and circuits.

The text comprises 7 chapters.

Chapter 1 provides some fundamental aspects on DRAM.

Chapter 2 discusses in detail the signal amplitude loss and several interfer-
ences caused by array parasitics during sensing for different array structures. It
is necessary to obtain the signal amplitude since the mean value and variance
determine the yield together.

Chapter 3 introduces different sensing schemes and sense amplifiers. As the
focus of this work, CMOS latched sense amplifier is highlighted and its sensing
behavior, speed, power consumption and load sensitivity are studied.
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Chapter 4 introduces the basics of the analytical yield analysis method with
Gaussian approximations. As part of DRAM core yield design and an example
of using the analytical method, the mismatch of CMOS latched sense amplifiers
is modeled statistically.

Chapter 5 describes the leakage effects in DRAM cells. Some mathematic
and probability transformations are made here, in order to obtain the leakage
induced yield degradation.

Chapter 6 presents a new overall statistical model and an analytical expres-
sion for DRAM core yield. Based on design examples, the validity and applica-
bility of the model are demonstrated.

Chapter 7 summarizes the work done in this dissertation.
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Conventions

In general, symbols that begin with capital letters refer to a DC value while small
letters indicate variables as small-signal values.

Since DRAM is fabricated in Metal-Oxide-Seminconductor Field-Effect Tran-
sistor (MOSFET) technology, if not specified in this thesis ’transistor’ is desig-
nated to such device. As process technologies approach feature sizes below 100nm,
precise high-order models of the transistor’s I-V characteristics are mandatory
[1, 2, 3, 4]. Unfortunately, they are too complex for hand calculations and circuit
modeling. To find an analytical solution which predicts the circuit behavior to
first-order, this thesis assumes the well-known basic MOS transistor model as
follows.

n-channel transistor:

Ids =







βn

2
(Vgs − Vthn)2 Vds < Vgs − Vthn (saturation region)

βn

(

Vgs − Vthn − Vds

2

)

Vds Vds > Vgs − Vthn (triode, linear region)

(0.1)

p-channel transistor:

ID =







βp

2
(Vsg − Vthp)

2 Vsd < Vsg − Vthp (saturation region)

βp

(

Vsg − Vthp −
Vsd

2

)

Vsd Vsd > Vsg − Vthp (triode, linear region)

(0.2)

It has to be noted that in any case the threshold voltages are considered to be
positive. The transconductance parameters βn, βp in above equations have the
form

βn =
Wn

Ln

Kn =
Wn

Ln

µnC ′

ox, and βp =
Wp

Lp

Kp =
Wp

Lp

µpC
′

ox (0.3)

where Wn/Ln, Wp/Lp are design dependent width over length ratios of transistors
and Kn, Kp are technology parameters, consisting of the product of the gate-
channel capacitance C ′

ox per unit area and the carrier mobilities µn, µp.
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Chapter 1

DRAM Fundamentals

1.1 Dynamic Random Access Memory (DRAM)

Dynamic Random Access Memories (DRAMs) are widely used in all kinds of
electronic devices due to their low cost and fast operating speed. Besides its
extensive applications, mass production of DRAMs usually marks the maturity
of the corresponding semiconductor technology that is continuously driven to
smaller dimensions and high yield by market requirements and competitions. In
general, mass production of a novel DRAM generation is usually regarded as the
milestone of a new semiconductor technology era.

As the term ’DRAM’ implies, it is a kind of volatile memory, i.e. the data
stored has to be ’dynamically’ refreshed to guarantee correct memory function;
Each bit in the DRAM can be accessed ’randomly’ in comparison with a conven-
tional tape recorder. References [5, 6] give the history and evolution of DRAM
products in detail.

1.2 DRAM Chip Overview

A generic 512Mb DRAM block diagram comprising four banks, IO circuitry and
other periphery circuits is exhibited in Fig. 1.1 (left). Banks in DRAM are mem-
ory blocks that can accomplish most basic operations. They are usually operated
individually but share the same IOs and peripheries. A DRAM chip may contain
2, 4 or even 8 banks, depending on specification, technology and design. A bank
usually comprises i × j sub-arrays, and these sub-arrays are the most basic and
important building blocks for a DRAM chip.

A sub-array diagram is also drawn in Fig. 1.1 (right). It consists of three
different function regions: The core array, which is built up by tens of thousands

1
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Fig. 1.1: DRAM chip (left) and organization of core array (right)

of DRAM unit cells and numerous wordlines, bitlines, occupies the largest area;
To the left of the core array are the word line driver, which control the wordlines
in the core array; The sense amplifiers and columne selector drivers are placed to
the bottom of the core array so as to connect bitlines that are perpendicular to
the wordlines, to the following data bus and select the desired data for IOs.

When an active command comes, address bits are fed into the row column
decoders, being turned into 2h wordline driving signals and 2w column select
signals. As soon as one of the wordline goes high, its connected DRAM cells are
switched on. Then sense amplifiers are turned on, pushing or pulling bitlines in
the core array to Vdd or Vss according to the cell data. Usually b sense amplifiers
are under the control of one column select signal. When the column select is
enabled, b bits are read out simultaneously to the succeeding circuits.

The DRAM core array is made up of tens of thousands of basic cells. A
small piece of the core array is sketched in Fig. 1.2. Since the cells are placed
regularly, the cell size can be explicitly expressed by the minimum feature size
of the corresponding DRAM technology. As an example, in Fig. 1.2 the width,
spacing of the bitlines(BL) and the wordlines(WL) are all 1F . By observation a
single DRAM cell in the array occupies 2F × 4F = 8F 2 unit area, and therefore
the array is called 8F 2 DRAM cell array. Obviously when the semiconductor
technology shrinks, the size of the cell goes down in proportional to the square
of feature size and the die cost per bit drops more rapidly than the cost of the
conventional production circuits, in which some circuits can not be redimensioned
due to performance, noise or mismatch limitations.

As shown on the right of Fig. 1.2, a transistor and a capacitor in series
connection form a DRAM cell. One plate of the capacitor is biased with a fixed
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Fig. 1.2: Principle structure of a 8F 2 DRAM core array

voltage potential that is around (Vdd − Vss)/2 and another plate connecting the
cell transistor becomes the ’storage node’. When the cell transistor is ’on’, the
cell capacitor is charged through the bitline to Vdd or Vss. Then the cell transistor
is turned off to isolate the storage node from the bitline. The memory function
is realized by storing positive or negative charge in the cell capacitor. Next time
when the cell is accessed, its charge will be released and transferred to the bitline
linked to the cell. The change in the charge of the bitline capacitance will give
rise to a change of the bitline voltage that can be utilized by sense amplifiers.
The amplified voltage from the sense amplifier is then led to the IO circuitry.
This process is called ’voltage sensing’ and will be discussed later.

In Fig. 1.1 the data from the core array is supposed to be transferred to the
IO circuitry directly. However, this is impossible in a practical design because
of the long wire length from the accessed core array to the IO circuitry. This
long wire introduces a large delay that may not be tolerable in meeting timing
specifications. For example, the extreme case comes from the core array located at
the top-left corner of the chip in Fig. 1.1: the minimum distance from the border
of this array to the chip center where the IO circuitry is positioned is (i−1) times
of the height of the core array, and therefore its wire load is relatively high. To
solve such problem, hierarchical array structures with multi-stage sense amplifiers
can be used especially for high volume DRAM products [7, 8, 9]. Fig. 1.3 shows
an exemplary structure of a two sense amplifier stages design. In this structure,
the first sense amplifier stage is shared by the left and right side core arrays
by alternately switching on sw0 and sw1. Switches cs0 . . . csk are controlled by
column select wires to connect one local bitline pair to the global bitline pair.
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Fig. 1.3: A hierarchical array structure [7]: schematic (top) and physical
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When the second stage sense amplifier is switched on, the voltage difference of
the global bitline pair will be amplified and driven to the succeeding IO circuitry.
As the second stage can occupy much larger area, they can be designed much
stronger and faster in contrast with the area limited first sense amplifier stages.
As a consequence, the heavely loaded global bitline can be driven rapidly, and
even the core far from the IO circuitry will show similar sensing delay to that of
the core array closer to the IOs. Besides the multi-stage data bus, hierarchical
architecture is also applied to row and column select drivers coming from another
side of the bank so as to improve array access speed.

1.3 Basic Operations

Like any other storage devices, read and write operations are necessary for DRAM.
In a typical read operation, a row address is first sent to the row decoder, gener-
ating driving signals for the wordline drivers. When one of the wordlines is driven
high and turns on the DRAM cells it connected, the cell charge will flow to the
bitline capacitances, forming small voltage changes ranging typically from 100mV
to 200mV. Then the sense amplifiers are switched on to amplify the bitline volt-
age change and recover the stored data. Since one wordline controls multiple cells
linked to the corresponding sense amplifiers, there will be hundreds of data avail-
able at the same time. These data form one ’page’ that can be fast accessed by
the succeeding column selections. The column select signals turn on the switches
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between the desired local bitline pairs and the global bitline pairs. As soon as
the global bitline pairs have enough voltage swing the secondary sense amplifiers
will be activated, amplifying the voltage on global bitlines and delivering the
outcomes to the IO circuits. At the end of the read operation the wordline is
switched off to isolate the DRAM cells from bitline again.

Similarly, a write operation also starts by giving a row address to the row
decoder and driving the corresponding wordline. After that, the column decoder
connects the global bitlines to the desired local bitlines. The ”secondary sense
amplifers”are then switched on to drive the global bitline pairs. With the help of
the first stage sense amplifier, Vdd or 0 corresponding to solid ’1’ or ’0’ data will
be written into the cells.

Besides read and write operations, a refresh operation is required to com-
pensate for the leakage current that reduces the cell voltages gradually with the
elapse of time. The difference of a refresh process from read operation is that
the column access is not necessary in refresh process because activations of the
row selection and the first stage sense amplifiers are enough to accomplish the
cell voltage recovery task. For a more detailed description of DRAM operations
please refer to [10].

To ensure that the data stored in the DRAM cells can be accessed correctly,
proper sensing is necessary and for DRAM core it is the most important procedure
in consideration of production yield.

1.4 Sensing Methods

Sensing and amplification are mandatory for all kinds of memory circuits and
sensors because of the tiny acquirable signal amplitude caused by lossy transfer,
leakage, parasitics, circuit noise and device variations. Generally, sensing circuits
can fully recover the deteriorated signals and transmit them to succeeding circuits
that usually handle large amplitude digital signals. According to the properties of
input and output signals during sensing, sensing can be categorized into voltage
sensing, current sensing and charge sensing.

1.4.1 Voltage sensing

Evidently, the input and output of voltage sensing are voltage signals. The cir-
cuits for implementing voltage amplification are actually voltage amplifiers or
comparators. Ideally, the voltage sensing output, which could be ’0’ or ’1’, is only
determined by the polarity of the input voltage.

A voltage sensing process in DRAM core is illustrated in Fig. 1.4. It includes
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Fig. 1.4: A DRAM voltage sensing scheme can be divided into three proce-
dures: equalization, passive pre-sensing and post-sensing.

three important time segments: equalization, pre-sensing and post-sensing. Equal-
ization equals the voltage of the bitline pair to Veq by connecting Eql to high.
A row access is started by driving Eql to low again to separate the two bitlines
in a bitline pair. A wordline is then turned on to access the connected cell. This
behavior triggers the pre-sensing: due to the voltage difference between the cell
storage node and its corresponding bitline voltage, the cell charge is shared with
the bitline. This process makes the bitline voltage either lower or higher than
another bitline staying at Veq, forming a voltage difference Vsign in the bitline
pair as shown in Fig. 1.4. By charge conservation it is known

Vsign =
Cs

Cs + Cbl
· (Vcell − Veq) (1.1)

where Vcell, Cs, Cbl and Veq are the initial cell voltage, cell capacitor, bitline para-
sitic capacitance and equalization voltage, respectively, and Vcell ideally exhibits
two levels - Vdd for solid ’1’ and 0 for solid ’0’.

SA

∆Vi C ′

bl

R′

bl

Vref

C ′

bl

R′

bl

C ′

bl

Rcell + R′

bl

C ′

bl

R′

bl

Fig. 1.5: The output voltage is delayed by the parasitic RC network in a
voltage sensing process.

Voltage sensing is widely accepted in DRAM circuits not only for the first
stage sense amplifiers but also the secondary sense amplifiers as shown in the
hierarchical data bus design in Fig. 1.3. However, the passive pre-sensing process
gives rise to speed penalty when the bitlines are heavily loaded as demonstrated
in Fig. 1.5. Here, a long bitline is modeled as parasitic RC network where R′

bl,
C ′

bl represent bitline unit resistance and capacitance. The DRAM cell is modeled
as a voltage source with series resistance. In case the cell suffers from larger
cell resistance Rcell, e.g., the on resistance of the cell transistor or technology
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related parasitic series resistance, a large voltage propagation delay will appear.
This effect is more especially severe for the cells located at the far-end of the
bitline. Therefore, the speed of voltage sensing will be greatly limited by the large
cell resistance Rcell, the bitline total parasitic resistance Rbl and capacitance Cbl

because of the parameters related charge transfer process needed to set up the
necessary input voltage difference Vsign for sense amplifier. By detailed analysis
in Section 2.1 the time to set up Vsign follows

tv,sens ∝ (Rcell + Rbl) ·
CblCs

Cbl + Cs
(1.2)

It confirms the slow response for voltage sensing when parasitic parameters are
relatively large.

1.4.2 Current sensing

CSA

∆Ii C ′

bl

R′

bl

C ′

bl

R′

bl

C ′

blRcell C ′

bl

R′

bl

rin

∆Vbl = ∆Iirin

Fig. 1.6: The RC network has no delay effect in current sensing.

When the bitline voltage experiences little change during sensing, the delay
caused by charging/discharging the bitline parasitic capacitance will be signifi-
cantly smaller. Current sensing is an implementation of such an idea. Assume a
cell can be replaced by a current source and a resistor in parallel as shown in
Fig. 1.6. When an impedance that is much smaller than Rcell appears near the
sense amplifier and Rbl is much smaller than rin, the input current step induced
bitline voltage change will be small because ∆Vbl ≈ I · rin, where rin is the low
impedance at far-end. A current sense amplifier (CSA) can provide such low input
impedance. It converts the input current into a voltage at the output. Since the
bitline voltage doesn’t change much during current sensing, current sensing has
speed advantage over voltage sensing in DRAM cores with large bitline parasitic
capacitance and cell resistance. An example of building a current sense amplifier
is shown in Fig. 1.7. The gain block in the figure is an ideal voltage amplifier
with gain A. The input impedance in such topology will drop to Rp/(1 + A). If
Rp is equal to Rcell, the time delay of the current sensing approximates to

tc,sens ≈
Rcell

A + 1
Cbl (1.3)
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Iin
Vo

Rp

Vx

Vx − RpIin = Vo

Vo = −A · Vx
{

rin =
Vx

Iin
=

Rp

1+A

CSArin =
Vx

Iin
=

Rp

1+A

-A

Fig. 1.7: Implementation of a current sense amplifier by using a voltage
amplifier with gain -A.

which is nearly hundred times smaller than voltage sensing when the delay from
Iin to Vo is negligible.

However, the presumption that a cell can provide constant current is not true
for DRAM. In addition, Rbl, which becomes more significant as minimum feature
size shrinks, was assumed to be very small in the above evaluation. Consequently,
current sensing can never be applied to the first stage sense amplifiers, but they
are good candidates for secondary sense amplifiers with the hierarchical data bus
as shown in Fig. 1.3 because first stage sense amplifiers can provide continuous
current when they are enabled. It is advantageous to use current sensing for the
secondary sensing stage in particular when global bitlines confront very large
parasitic capacitance.

The disadvantage of current sensing resides in two aspects: Firstly, the com-
plex current sense amplifier and bias circuitry occupy large silicon area; Secondly,
power consumption is an issue because of their static bias currents.

1.4.3 Charge sensing

In analogy with current sensing, charge sensing is supposed to be able to pro-
vide less bitline voltage fluctuation. The first charge sensing method comes from
the idea that if the charge in the cell capacitor can be completely transferred
to another capacitor that is located at the sense amplifier, the bitline parasitic
capacitance will have no effect.

Fig. 1.8 demonstrates the implementation of the proposed charge sensing
scheme. When Cp is A times larger than Cbl, the charge deposited in Cp will be
A times of the charge in Cbl. When A is large enough, Cbl can be neglected and
almost all input charge ∆Qin goes into Cp. The charge sense amplifier (QSA) can
be implemented by using an ideal voltage amplifier. With the aid of the negative
feedback, the input equivalent capacitor is (1+A)Cp instead of Cp. For example,
if Cp = Cs = Cbl/10 and A = 100, 9/10 of ∆Qin will flow to Cp, resulting in
a voltage change on Cp being 9(Vcell − Veq)/10, which is approximately 9 times
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∆Qin
Cbl

Rs

Cp

Rbl

Cp

∆Qin Vx

QSA

∆Vbl = ∆Qin

Cbl+Cp

Cin = (1 + A)Cp

-A

Fig. 1.8: Implementation of a charge sense amplifier by using a voltage
amplifier with gain -A.

larger than Vsign generated by voltage sensing.

The large input capacitance, however, also generates a disadvantage for this
charge sensing scheme. Due to its presence the sensing speed becomes even worse
in contrast with voltage sensing. In addition, the charge sense amplifier can only
be designed in Switched Capacitor (SC) circuit style that is difficult to be imple-
mented within tight space as in the case of DRAM core.

∆Qin
Cbl

Rbl Iout(t) = Iin(t)

rin Cp

Iin(t)

QSA

Fig. 1.9: Current sensing like charge sensing

Another charge sensing concept also called charge transfer sensing, is actually
evolved from current sensing. Differently, it provides both low input impedance
and zero static bias current as shown in Fig. 1.9. Here, the charge sense amplifier
(QSA) consists of two functions: a). Its small input impedance prevents the bitline
voltage fluctuation when the cell charge is released; b). The sense amplifier can
copy the current through rin to the output branch and as a result, the total
charge in capacitor Cp will be increased or decreased accordingly. The second
function actually keeps the quantity of output charge equal to the quantity of
input charge. Clearly, when the total input charge coming from cell capacitor
Cs goes into the output capacitor Cp and Cs > Cp, a much larger voltage step
can be generated at the output node for the succeeding comparator. This charge
sensing provides both higher speed and moderate power consumption, and thus is
popular in high-performance DRAM circuits. The difficulties reside in designing
and biasing such sense amplifiers as will be discussed later in Section 3.4.

Tab.1.1 summarizes the four different sensing methods and their advantages,
disadvantages.
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Table 1.1: Comparisons between voltage, current and charge sensing

Sensing method Area Power Speed Precision3 Circuit
complexity

Voltage smallest smallest moderate moderate simple
Current large largest fastest high complex

Charge A1 largest large slowest highest complex
Charge B2 larger moderate fast high complex

1 Charge sensing with capacitive input impedance
2 Charge sensing with resistive input impedance or charge transfer sensing
3 Precision is determined by the achievable voltage amplitude in pre-sensing

1.5 Sensing Failures and Yield

Simply speaking, a sensing fails when the sensing outcome is different from the
data originally written into the cell. In DRAM the most significant failure sources
include large cell leakage, inapropriate cell to bitline capacitance ratio Cs/Cbl, se-
vere array post-sensing coupling and large sensing transistor threshold mismatch.
Since data is stored in the form of charge in a cell capacitor, leakage currents at
the storage node will reduce the charge quantity within a certain period of time,
and therefore the available voltage difference Vsign when the cell is accessed. As
Vsign is also a function of the capacitor ratio Cs/Cbl as shown in Eqn. (1.1), a
smaller capacitor ratio results in a decreased Vsign as well. When sense amplifiers
are switched on, the inter-bitline crosstalk coupling can destroy a sensing if Vsign

to be sensed is much smaller compared to Vsign of the neighboring bitline pairs.
Nonetheless, even if there is no coupling, threshold mismatch of sensing transis-
tors can completely flip the sensing outcome when the mismatch equivalent input
offset Vos is a little larger than Vsign. These sources altogether degrade the yield
performance of a DRAM core by a certain degree.

1.5.1 Yield experiments

Since above failure sources are random variables, it is impossible to know exactly
when and where a failure takes place. However, statistically the failure probabil-
ity can be obtained by carrying out a large number of experiments and taking
the percentage of fail/pass outcomes from the total number of experiments as a
representative of the theoretical yield / failure probability. Since in a yield exper-
iment the outcome is either 1 (pass) or 0 (fail), such an experiment is actually one
Bernoulli Trial [11] with probability of Y for pass and 1-Y for fail in statistics. Y
is the theoretical yield in the experiments. When the total number of experiments



1.5. Sensing Failures and Yield 11

is n, the Failure Count (FC) is obtained by

FC = n −
n∑

i=1

Xi, (1.4)

where Xi is either 1 or 0, representing the outcome of each Bernoulli trial. Usually
the experimental yield Y’ and failure F’ is obtained by the equation

Y’ =

∑n
i=1 Xi

n
= 1 − F’ (1.5)

By Law of Large Numbers [11] with sufficient samples the experimental yield Y’
and theoretical yield Y have the relationship

P (|Y’ − Y| ≥ ε) → 0, when n → ∞ (1.6)

where ε is any positive real numbers. In another words, (1.6) assures that the
theoretical yield Y can be replaced by the experimental yield Y’ only when the
total number of experiments n approaches infinity.

1.5.2 Number of experiments

The number of experiments n is very critical in estimating yield from experiments.
Because the experimental efforts are directly proportional to the number of trials
n, a smaller n is always desired. The first requirement of n is the yield resolution.
If n experiments are carried out, the minimum achievable yield resolution Yres is

Yres =
1

n
(1.7)

Eqn. (1.7) implies that if Yres = 1ppm is expected to be discriminated, the mini-
mum required n = 106. According to Eqn. (1.7),

n > Ceiling(
1

Yres

), (1.8)

where ceiling is a function used to map a real number to its next higher integer.

The second requirement comes from the confidence level of the experimental
yield Y’. By Chebyshev Inequality [11], the experimental yield Y’ and theoretical
yield Y have to follow

P (|Y’ − Y| ≥ ε) ≤
σ2

Y’
ε2

(1.9)

where σ2

Y’ is the variance of experimental yield Y’. As Y’ = (
∑n

i=1 Xi)/n and Xi

follows independent Bernoulli Trial with probability Y for pass and 1-Y for fail,
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Y’ will have expectation Y and variance Y(1 − Y)/n. By putting the variance
into Eqn. (1.9), the following equation is obtained

P (|Y’ − Y| < ε) = 1 − P (|Y’ − Y| ≥ ε) ≥ 1 − Y(1 − Y)

nε2
(1.10)

Eqn. (1.10) implies that the probability of the difference between experimental
yield Y’ and theoretical yield Y staying within distance ε is greater than 1 −
Y(1 − Y)/(nε2). Therefore, ε is a number expressing the similarity between Y’
and Y. If ε is small enough and the probability in Eqn. (1.10) is greater than L,
Y’ is regarded as substitute of Y. L is called confidence level with typical value
over 90%. From above descriptions, the number of experiments needed to meet
the confidence level L within ε is

n >
Y(1 − Y)

(1 − L)ε2
(1.11)

Example

If the experimental yield Y’ needs to be as precise as Y±10−m, the required ε should

be smaller than 10−m/2. Suppose the confidence level L = 90%. The required number

of experiments n from Eqn. (1.11) must be greater than 4Y(1−Y)102m. Given at least

one digital precision is required (m = 1) and Y is expected to be in the range from 10%

to 40%. Because Y (1 − Y ) has its maximum at Y= 0.5 and Y(1 − Y) is a monotonic

decreasing function when 0.1 < Y < 0.4, Y= 50% is used to calculate the required n,

which is 4 × 50% × (1 − 50%) × 102 = 100. As a result, with n > 100 the theoretical

yield Y is with certainty of 90% in the region [Y’ − 0.05,Y’ + 0.05].

The above example shows that the confidence level condition is more strict
than the yield resolution requirement that needs n > 10.

1.5.3 Confidence region

In most yield experiments, the number of experiments n is a constant for conve-
nience. For a constant confidence level L, this leads to the change of confidence
region ε when the theoretical yield Y varies. From Eqn. (1.11) the confidence
region

ε >

√

Y(1 − Y)

(1 − L)n
(1.12)

Since Y(1−Y) shows a peak at Y= 0.5, the confidence region will show a trend
as shown in Fig. 1.10. As the confidence region becomes wider around Y= 0.5,
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Fig. 1.10: The relationship between experimental yield Y’, theoretical yield
Y and confidence region ε (x is a random variable and yield changes with
x)

the experimental yield Y’ can show larger fluctuations due to more deviations
from the theoretical yield Y. Sometimes, people think law of large number is no
longer valid due to frequently observed experimental yield fluctuations. However,
there is actually no contradiction due to the wider confidence region around 50%
yield region.

As study of DRAM core yield is the main issue in this thesis, the statistical
constraints and theories mentioned above will play a very important role in veri-
fying the validity of experimental yield obtained from either silicon measurements
or Monte Carlo (MC) [12] simulations.

1.6 Motivation and Challenges

For many years, the semiconductor technology has been following Moore’s Law

[13, 14, 15], which stated in 1975 that MOS device dimensions would continue
to scale down by a factor of two every three years and the number of transistors
per chip would double every one to two years. As a concrete example of this law,
the volume of DRAM products increases two times and the chip size increases
1.4 times per year [16]. The consequences of downscaling technology for DRAM
products give rise to a number of yield related issues coming from:

1. Supply voltage: To maintain device reliability, the supply voltage has to
be scaled down accordingly. This reduces the available voltage amplitude
stored in cell capacitors from generation to generation.

2. Array parasitics: They become more significant for deep sub-micrometer
structures and devices. Both sensing speed and achievable signal amplitude
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are greatly affected by array parasitics. In particular, the parasitic bitline
to bitline capacitance introduces additional crosstalk noise during post-
sensing, generating more failures.

3. Cell leakage: As the cell density becomes higher and junctions become
smaller while supply voltage can not drop more, cell leakage is increasingly
difficult to control. Thus the sensing yield within data retention time is
degraded.

4. Sense amplifier mismatch: As device dimensions are scaled down, the
corresponding mismatch can be even larger than in previous technologies.

Altogether, the production yield of DRAM becomes quite poor at the begin-
ning of every generation for new technologies and it usually takes time for the
yield to ramp up. In order to speed up the yield ramp-up process, an effective
and reliable yield model for DRAM core is mandatory. In this thesis, the main
contributions include:

1. Array structures and the parasitic effects are thoroughly investigated in
Chapter 2. As voltage sensing is the most practical sensing method for
DRAM core, voltage difference Vsign during pre-sensing in the voltage sens-
ing scheme is precisely formulated by a charge conservation model consid-
ering array parasitics for a variety of arrays in Section 2.2. Additionally,
post-sensing crosstalk coupling is modeled and analyzed with small signal
circuits and differential equations, and a worst case design methodology is
proposed based on the outcomes of the crosstalk model in consideration of
both sense amplifier mismatch and post-sensing coupling in Section 2.3.

2. DRAM sense amplifiers and sensing techniques are compared in Chapter 3.
A detailed analysis on operations of CMOS latched sense amplifiers in volt-
age sensing scheme is conducted in Section 3.3. It will be exhibited that si-
multaneously latched CMOS sensing has more advantages over other sense
amplifiers and provides the best balance between yield and other design
specifications.

3. Mismatch inside latched sense amplifiers is modeled as an input offset Vos by
analytical yield analysis and a small signal circuits model in Chapter 4. The
statistical characteristics of Vos are discussed and evaluated under different
conditions. Yield optimization process for a CMOS latched sense amplifier
is finally proposed in Section 4.3. The results show that simultaneously
latched CMOS sense amplifiers with mid-level sensing are superior to other
voltage sense amplifiers in yield performance.

4. A nonlinear yield analysis is applied to leakage induced yield degradation
in DRAM core in Chapter 5. Both yield of signal margin plots and of
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data retention time plots are obtained from the model and compared to
Monte-Carlo simulations and measures. They approve the presumption in
the model that the original variabilities causing the leakage fluctuations
are Gaussian distributed and the leakages in DRAM cells follow Log-Norm
distributions. The model provides a guide for design of DRAM core from
both technology and economic aspects.

5. In Chapter 6 a linear yield model is proposed based on knowledge and
outcomes gained from Chapters 2-5. By taking most important random
variabilities and post-sensing crosstalk coupling into consideration, it be-
comes a powerful yield analysis and optimization tool for development of
any new DRAM technology, core array structure and sensing circuits with
less computation and time efforts. Needless to say, with the help of the
model DRAM core design will be faster, cost effective and yield oriented.



Chapter 2

DRAM Core Array

2.1 DRAM Cell and Pre-sensing
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Fig. 2.1: Cell size and minimum feature size trends of different manufactur-
ers’ DRAM products (modified from [16])

As described in Section 1.2, a DRAM sub-array contains several regions, of
which the core array is the most important. Core array design greatly affects an
array’s access speed, yield and production cost. As the basic but most crucial

16
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building element of core array, DRAM cells have been experiencing great revo-
lutions ever since the DRAM’s invention. Since chip cost is approximately pro-
portional to its die area, smaller cells are more profitable. Fig. 2.1 demonstrates
the downscaling trend of the cell area together with the corresponding minimum
feature size for different manufacturers’ DRAM products. Following Moore’s Law

[13, 14, 15], the semiconductor feature size drops exponentially with the elapse
of time. Since cell size is a square function of its minimum feature size F , it can
be expressed as

Acell = nF 2, or log Acell = log n + 2 log F (2.1)

n in Eqn. (2.1) is an integer because cell width and length are usually multiple
times of the minimum feature size as illustrated in Fig. 1.2. In addition, n itself
reduces as well. As an example, the cell size of mainstream products transits from
12F 2 to 8F 2 around the year 2000, and then to 6F 2 around the year 2007. It was
predicted that the ultimate 4F 2 cell will come into play around the year 2010
and marks the end of planar DRAM technology. However, as log n changes only a
little for n =12, 8, 6, 4, all the products from different DRAM makers are placed
close to the straight line, which is 2 log F , as shown in Fig. 2.1.

2.1.1 Pre-sensing speed

No matter how the DRAM cell downscales, its electric characteristic and structure
remain basically the same. As shown on the left of Fig. 2.2, a cell is made up
of a transistor and a capacitor. Here, the related bitline is modeled by a lumped
RC circuit.

Cbl Cbl

Rbl

DRAM Cell

Cs Cs

Rcell + Rbl

Vbl

Vs

Vbl

Vs

WL

Fig. 2.2: DRAM cell structure (left) and its corresponding RC model (right)
together with a lumped bitline model.

In a voltage sensing process, when the cell in Fig. 2.2 is accessed, the transis-
tor is first switched on to share cell charge with bitline capacitance. Consequently,
the bitline voltage rises or falls according to the cell charge polarity, and a small
voltage step Vsign is generated as shown in Fig. 2.3. By Kirchhoff’s Laws the
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Fig. 2.3: The voltage sensing process in DRAM core

differential equations describing the pre-sensing process can be formulated as
follows:







Cs · dVs/dt + Cbl · dVbl/dt = 0
|Vbl − Vs| = (Rcell + Rbl) · Cs · dVs/dt
Vs(0) = Vcell, Vbl(0) = Veq

(2.2)

where Vs, Vbl, Vcell, Vbl(0),Veq are the voltages of the cell storage node, bitline,
initial cell storage node, initial bitline and equalization, respectively. Rcell is the
cell series resistance comprising cell transistor on resistance Ron and cell parasitic
resistance Rpar. Since the cell transistor in ’on’ state works in linear region,

Ron =
1

Kn
Wn

Ln
(Vgs − Vth)

(2.3)

For most planar DRAM cells with Wn/Ln ≈ 1 and Kn = 50 − 200µA/V 2, Ron

ranges from 10kΩ to 2.5kΩ when (Vgs − Vth) = 2V. Additionally, due to the
different cell structures Rpar varies in a wide range, and is even larger than Ron

for a trench capacitor cell due to its collar region [17].

By solving Eqn. (2.2), the storage node to bitline voltage difference Vs − Vbl

at a given time t gives

Vs(t) − Vbl(t) = [Vcell − Veq] · e−
1/Cs+1/Cbl
Rcell+Rbl

t
(2.4)

It is instructive that Eqn. (2.4) implies Vs is equal to Vbl only if time t goes to
infinity. The time t corresponding to a given settling error Verr from Eqn. (2.4) is

tsettle = ln(
|Vcell − Veq|

Verr
) · Rcell + Rbl

(1/Cs + 1/Cbl)
(2.5)
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Eqn. (2.5) suggests that the pre-sensing speed is proportional to the time con-
stant determined by placing all the resistances and capacitances in series.

Example

Assume Rbl = 1kΩ, Ron = 2.5kΩ − 10kΩ, Cs = 30fF, Verr = 1mV, Rbl = 1kΩ, Cbl =

100fF, Vcell − Veq = 0.6V. The corresponding pre-sensing delay tsettle = 664ps−1.77ns

from Eqn. (2.5).

To gain faster settling speed for the voltage sensing, the time constant
(Rcell + Rbl)/(1/Ccell + 1/Cbl) should be as small as possible. From the tech-
nology aspect, a smaller Ron can be obtained by increasing Vgs − Vth, the unit
gate oxide capacitance C ′

ox and the carrier mobility µn. Unfortunately, due to the
constant electric field scaling rule [18], increase of Vgs−Vth always trades off with
decreasing the thickness of the gate oxide, making Ron change little from one
technology to another. In addition, the retention time requirement, which claims
the cell leakage current is expected to be much less than 1fA in average [16],
leads to higher threshold voltage Vth for cell transistors. Consequently, all these
conditions form a tight technology constraint on fabricating the cell transistor,
keeping Ron relatively constant for technology generations.

2.1.2 Developed bitline voltage amplitude

Clearly from the above discussion, Ron of the cell transistor can not be reduced
further to speed up the pre-sensing process. How about Cs, Cbl, Rbl and cell series
parasitic resistance? Because of charge conservation it is known that in Fig. 2.2
at any given time t

Cs∆Vs(t) + Cbl∆Vbl(t) = 0 (2.6)

and

Vs(t) = Vcell + ∆Vs(t), Vbl(t) = Veq + ∆Vbl(t) (2.7)

By taking the charge conservation equations into Eqn. (2.4), the transient re-
sponse of Vbl(t) is obtained as

Vbl(t) = Veq +
Cs

Cs + Cbl
(Vcell − Veq)[1 − e

−
1/Cs+1/Cbl
Rcell+Rbl

t
] (2.8)

From Eqn. (2.8) the maximum voltage amplitude that the bitline can develop
when t goes to infinity is

Vsign,max = Vbl − Veq =
Cs

Cs + Cbl
(Vcell − Veq) = Kt(Vcell − Veq) (2.9)
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Vsign,max is the developed maximum bitline voltage amplitude as shown in Fig. 2.3.
Kt here is called transfer ratio, denoting the ability of the array to generate Vsign

from the initial cell voltage Vcell. Eqn. (2.9) suggests that the maximum voltage
difference between the pair of bitlines is completely determined by the headroom
Vcell − Veq and cell to bitline capacitance ratio. Vsign is usually expected in the
range from 100mV to 200mV considering the cell leakage, wordline to bitline
coupling noise, inter-bitline interference and finite pre-sensing timing window. As
technology advances, Vcell −Veq can never increase, and therefore the only way to
maintain a large enough Vsign is to raise the capacitor ratio Cs/Cbl.

2.2 Array Structures and Array Parasitics

In the previous section, the developed bitline signal amplitude Vsign is obtained
for the case with only bitline parasitic resistance and capacitance. Obviously,
some other parasitic parameters are neglected in above evaluation. They can be
very important design parameters in nowadays DRAM technology in which the
metal wires are narrow and long with tighter pitch. For example, wordline to bit-
line capacitance not only couples the active wordline to floating bitlines, reducing
the available voltage amplitude Vsign in open bitline arrays during pre-sensing,
but also introduces active bitline voltage change to non-active wordlines, causing
more sub-threshold leakage in non-active cells. In contrast with wordline to bit-
line capacitance, bitline to bitline capacitance is more harmful - it deteriorates
Vsign during pre-sensing by absorbing part of the cell charge, and can eventually
result in failing of weak pairs caused by post-sensing coupling. Several publica-
tions addressed the parasitic capacitance effect and tried to estimate Vsign in the
presence of these parasitics from 1980 to 1990 [19, 20, 21, 22, 23]. Unfortunately,
with the advances of DRAM technology, more parasitic capacitances appear to
be significant and they are not considered in the earlier publications. Therefore,
the previous outcomes can not meet the required accuracy for yield analysis and
estimation. In this section, the charge conservation method is applied as before
to the entire core array, in order to analyze the developed voltage amplitude
Vsign precisely in pre-sensing. Based on the outcomes from this section, the yield
of DRAM core can be estimated with good acuracy as will be demonstrated in
Chapter 6.

2.2.1 Array parasitic effect

First think of three bitlines placed in parallel as shown in Fig. 2.4. The middle
one with an active DRAM cell is our focus. When the cell is switched on, the
bitline voltage begins to change. Ideally, a ’1’ cell raises the bitline voltage, and
conversely a ’0’ cell lowers the bitline voltage. However, the ideal case comes
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from the assumption that its neighboring bitlines are staying quietly. If they
are also changing simultaneously after wordline activation, the charge from the
cell capacitor of the middle bitline will be partially attracted to the capacitors
between the middle bitline and its neighbors, which may result in a smaller or
even reversed voltage difference compared to the ideal case. A charge conservation
equation for the middle bitline with the active cell can be setup to describe this
process.
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=high

off on

Cbl2wl
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(a) Before wordline turns on (b) After wordline turns on

Fig. 2.4: Charge conserves before and after wordline activation.

Before wordline activation:

Qtot = Cs · Vcell
︸ ︷︷ ︸

Qcell

+ nC ′

bl · VBL
︸ ︷︷ ︸

Qbl

+ nC ′

bl2bl · (VBL − VX) + nC ′

bl2bl · (VBL − VY )
︸ ︷︷ ︸

Qbl2bl

+ nC ′

bl2wl · (VBL − VWL)
︸ ︷︷ ︸

Qbl2wl

(2.10)

After wordline activation:

Q′

tot = Cs · V ′

BL
︸ ︷︷ ︸

Q′

cell

+ nC ′

bl · V ′

BL
︸ ︷︷ ︸

Q′

bl

+ nC ′

bl2bl · (V ′

BL − V ′

X) + nC ′

bl2bl · (V ′

BL − V ′

Y )
︸ ︷︷ ︸

Q′

bl2bl

+ (n − 1) · C ′

bl2wl · (V ′

BL − VWL) + C ′

bl2wl · (V ′

BL − V ′

WL)
︸ ︷︷ ︸

Q′

bl2wl

(2.11)

In the above equations, C ′

bl2bl, C ′

bl are unit parasitic capacitance per cell between
bitlines and from bitline to ground, respectively. n is the number of cells per
bitline. C ′

bl2wl is the parasitic capacitor between wordline and bitline. Assume the
leakage current during the process is negligible. The charge conservation before
and after wordline activation gives:

Qtot = Q′

tot (2.12)
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Solving the equation, the middle bitline voltage after wordline activation is found
to be

V ′

BL =
Cs · Vcell + n(C ′

bl + C ′

bl2bl) · VBL + nC ′

bl2bl · (2VBL + ∆VX + ∆VY )

Cs + n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)

+
C ′

bl2wl · ∆VWL

Cs + n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)
, (2.13)

where ∆VX = V ′

X − VX , ∆VY = V ′

Y − VY , ∆V ′

WL = V ′

WL − VWL. Suppose VBL is
equal to Veq in equalization as shown in Fig. 2.3. The middle bitline voltage step
becomes

Vsign = V ′

BL − VBL

=
Cs · (Vcell − Veq) + nC ′

bl2bl · (∆VX + ∆VY ) + C ′

bl2wl · ∆VWL

Cs + n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)

= Kt[(Vcell − Veq)
︸ ︷︷ ︸

signal

+
nC ′

bl2bl

Cs
(∆VX + ∆VY )

︸ ︷︷ ︸

bitline noise

+
C ′

bl2wl

Cs
∆Vwl

︸ ︷︷ ︸

wordline noise

] (2.14)

Eqn. (2.14) gives the general form of the pre-sensing voltage amplitude Vsign re-
garding different parasitic capacitances. Clearly, in a Vsign versus the cell signal
|Vcell−Veq| plot the wordline to bitline and the bitline to bitline capacitances will
introduce two effects as shown in Fig. 2.5:

1. Reduction of the array transfer ratio Kt;

2. Uncertain voltage fluctuations resulting from neighboring bitlines and ac-
tive wordline.

Fig. 2.5 compares the developed voltage difference Vsign vs. (Vcell −Veq) for cases
with and without parasitic capacitance. Evidently, due to the drop of Kt, Vsign2

becomes smaller than Vsign1 at a given cell voltage. The voltage changes of word-
line and the neighboring bitlines shift the line up or down, making Vsign2 vary in
a range. Because this shift is dependent on neighboring bitline voltage changes,
it exhibits noise like characteristics when the neighboring bitline voltage fluctua-
tions are random, and is thus called bitline noise voltage. In contrast with bitline
noise, the interference introduced by wordline parasitic capacitance is always de-
terministic, presenting an offset when Vsign2 is measured.

2.2.2 Array structures

Open bitline array

Eqn. (2.14) is obtained by comparing the bitline voltages before and after word-
line activation. In practical circuit implementation, a complementary bitline is
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Fig. 2.5: Vsign vs. (Vcell − Veq) with and without parasitic capacitance.

provided to ’remember’ the bitline voltage before wordline activation, forming a
bitline pair. In terms of bitline placement, different array structures exist. Open
bitline array is one of these structures as shown in Fig. 2.6.

WLn WL1

Cbl2wl

Cbl

Cs

SA

SA

SA

SACbl2bl

BL1 BLb1

BLm BLbm

BLm-1 BLbm-1

BL2 BLb2

Fig. 2.6: An open bitline array with parasitic capacitances

In an open bitline array, complementary bitlines are completely separated
from true bitlines that are under the control of the active wordline, and as a result,
their voltage will not be disturbed during pre-sensing. From Eqn. (2.14), open
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bitline array with equalization voltage Veq gives a developed voltage difference

Vsign =

signal
︷ ︸︸ ︷

Cs · (Vcell − Veq)+

bitline noise
︷ ︸︸ ︷

nC ′

bl2bl · (∆VX + ∆VY ) +

wordline offset
︷ ︸︸ ︷

C ′

bl2wl · ∆VWL

Cs + n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)
(2.15)

∆VX , ∆VY in Eqn. (2.15) are independent. Presumably, since they are also gen-
erated from other bitlines, they will range from −∆V to ∆V . The resulting max-
imum bitline noise amplitude is therefore nC ′

bl2bl/Cs · 2∆V when ∆VX = ∆VY =
±∆V .

Example

Suppose an open bitline array provides the following parameters: nC ′

bl2bl = Cs/3,

C ′

bl2wl = Cs/200, nC ′

bl = 2Cs, n = 512, ∆V = 100mV, Vcell − Veq = 0.5V and

∆VWL = 2V. From Eqn. (2.15), Kt ≈ 0.20, and the maximum bitline noise amplitude

is 20mV with average developed voltage difference Vsign = 100mV and 2mV wordline

offset. When wordline offset is ignored, the bitline noise in the open bitline array in-

troduces 20% Vsign fluctuation as shown in Fig. 2.5.

Folded bitline array

It is observed that in open bitline arrays the voltages of two neighboring bitlines
can fluctuate independently, greatly affecting the voltage of each other and intro-
ducing significant bitline disturbances. If the voltages of the neighboring bitlines
change as little as possible, the bitline noise during pre-sensing can be suppressed
to a certain degree with respect to open bitline array. Folded bitline array drawn
in Fig. 2.7 provides such benefit.

In folded bitline array the true and complementary bitlines are placed one
after the other on the same side of sense amplifiers, and there is only one active cell
for a bitline pair. Therefore, during pre-sensing each active bitline sees two quiet
neighbors who are acting as reference. From Eqn. (2.14) obviously ∆VX , ∆VY

will be ideally zero, and thus the bitline noise can be eliminated. Besides bitline
noise reduction, wordline offset can also be removed since each wordline is seen
by both true and complementary bitlines in a folded bitline array. By Eqn. (2.13),
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Fig. 2.7: A folded bitline array with parasitic capacitance.

the true and complementary bitline voltages after wordline activation give

V ′

BL =
Cs · Vcell + n(C ′

bl + C ′

bl2bl) · Veq + nC ′

bl2bl · (Veq + ∆VX + V ′

BLb)

Cs + n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)

+
C ′

bl2wl · ∆VWL

Cs + n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)
(2.16)

V ′

BLb =
n(C ′

bl + C ′

bl2bl) · Veq + nC ′

bl2bl · (Veq + V ′

BL + ∆VY )

n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)

+
C ′

bl2wl · ∆VWL

n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)
(2.17)

The difference of the true and complementary bitline voltage becomes

Vsign =
Cs · (Vcell − V ′

BLb) + nC ′

bl2bl · (∆VX − ∆VY )

Cs + n(C ′

bl + C ′

bl2bl + 3C ′

bl2bl)

≈

signal
︷ ︸︸ ︷

Cs · (Vcell − Veq)+

bitline noise
︷ ︸︸ ︷

nC ′

bl2bl · (∆VX − ∆VY )

Cs + n(C ′

bl + C ′

bl2wl + 3C ′

bl2bl)
(2.18)

Although wordline offset disappears in Eqn. (2.18), bitline noise still exists in the
folded bitline array. The reason is that reference bitlines in folded bitline array
are also disturbed by their closest active bitlines, and therefore can not stay quiet
during pre-sensing. Compared with Vsign from open bitline array, ∆VX , ∆VY in
folded bitline array come from reference bitline and active bitline, respectively,
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instead of two active bitlines, and therefore the maximum bitline noise ampli-
tude is only half of that in open bitline array. However, the transfer ratio Kt of
the folded bitline array is lower. In Eqn. (2.18), since the complementary bitline
voltage V ′

BLb does not change much during pre-sensing, it is regarded to be equal
to the pre-charge voltage Veq.

Example

Suppose a folded bitline array provides the following parameters: n = 512, nC ′

bl2bl =

Cs/3, C ′

bl2wl = Cs/200, nC ′

bl = 2Cs, ∆VX − ∆VY = 150mV, Vcell − Veq = 0.5V and

∆VWL = 2V. From Eqn. (2.18), Kt ≈ 0.19, the maximum bitline noise amplitude is

9.56mV with average developed voltage difference Vsign = 96.67mV. The bitline noise

in the folded bitline array introduces 10% Vsign fluctuation that is only half of it in a

corresponding open bitline array as calculated in the previous example.

Multiple twisted folded bitline array

In a folded bitline array bitline noise is reduced by a factor of two compared
to its open bitline counterpart due to the ’shielding effect’ of reference bitlines.
To better suppress bitline noise, the term nC ′

bl2bl(∆VX − ∆VY ) in Eqn. (2.18) is
expected to be further diminished. It can be accomplished with the aid of multiple
twisted bitline arrays [19, 24, 25, 26, 27, 28, 29, 30].
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Fig. 2.8: (a) Quadruple style multiple twisted folded bitline array [26]. (b).
Fully symmetric multiple twisted folded bitline array [24].

Fig. 2.8 exhibits two multiple twisted folded arrays. In (a) the solid lines
are active bitlines and the dotted lines are reference bitlines. By multiple twisted
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bitline structure the active bitline 0 has four neighbors 1, 2, 3, 4, while its refer-
ence bitline 2 has four neighbors 0, 1, 3, 5 as well. By Eqn. (2.13), the true and
complementary bitline voltages after wordline activation in such array are

V ′

0 =
Cs · Vcell + n(C ′

bl + C ′

bl2bl) · Veq + nC ′

bl2bl/2 · (4Veq + ∆V1 + ∆V2 + ∆V3 + ∆V4)

Cs + n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)

+
C ′

bl2wl · ∆VWL

Cs + n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)
, (2.19)

V ′

2 =
n(C ′

bl + C ′

bl2bl) · Veq + nC ′

bl2bl/2 · (4Veq + ∆V0 + ∆V1 + ∆V3 + ∆V5)

n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)

+
C ′

bl2wl · ∆VWL

n(C ′

bl + C ′

bl2wl + 2C ′

bl2bl)
(2.20)

Because Vsign = V ′

0 − V ′

2 , the developed voltage difference becomes

Vsign =
Cs · (Vcell − V ′

2) + nC ′

bl2bl/2 · (∆V4 − ∆V5)

Cs + n[C ′

bl + C ′

bl2wl + (2 + 1/2) · C ′

bl2bl)]

≈ Cs · (Vcell − Veq) +

bitline noise
︷ ︸︸ ︷

nC ′

bl2bl/2 · (∆V4 − ∆V5)

Cs + n[C ′

bl + C ′

bl2wl + (2 + 1/2) · C ′

bl2bl]
(2.21)

Kt from Eqn. (2.21) for a multiple twisted array is larger than for a folded bitline
array but still smaller than for an open bitline array. Meanwhile, bitline noise
amplitude is further decreased by a factor of 2 from the folded bitline array.
The bitline noise reduction results from the mechanism that part of the neigh-
bors’ voltage fluctuations are converted into common mode components that
can be eliminated by the differential operation of sense amplifiers. In addition,
Eqn. (2.21) also suggests the general form of Vsign in a multiple twisted array

Vsign ≈ Cs · (Vcell − Veq) + nC ′

bl2bl/k0 · (
∑

∆V )

Cs + n[C ′

bl + C ′

bl2wl + (2 + k1/k0) · C ′

bl2bl]
(2.22)

Here k0 is determined by the twisted bitline to twisted unit segment length ratio,
e.g., k0 = 2 for Fig. 2.8(a) because each bitline is composed of two twisted seg-
ments. k1 is the number of unit segments of the true and complementary bitlines
being placed together. In (a) bitline 0 and 2 stay together for one twisted bitline
segment, resulting in k1 = 1.

∑
∆V is the total sum of neighboring non-common

mode bitline voltage steps for a bitline pair. As shown in (a), bitline 4 and 5 is
the kind of bitline seen only by bitline 0 and 2, respectively. Eqn. (2.22) is also
valid for normal folded bitline arrays with k0 = k1 = 1.

Example
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Evaluate Vsign in Fig. 2.8(b) [24]. Since there are two different twist length and their
least common multiple is l/6, k0 becomes 6. The neighbors of bitline 0 are 1, 2, 3, 4, 5,
which are exactly the same as its reference bitline 2 that has 0, 1, 3, 4, 5 as neighbors
when bitline 0, 2 are excluded. As a result, all bitline interferences in the array are
common mode noise, resulting in

∑
∆V = 0. Because the bitline length that 0 and 2

are routed together is 6, K1 also becomes 6. The developed voltage difference in (b) is

Vsign ≈ Cs · (Vcell − Veq)

Cs + n[C ′

bl + C ′

bl2wl + (2 + 6/6) · C ′

bl2bl]
(2.23)

As demonstrated, multiple twisted folded bitline arrays can greatly suppress
or even completely eliminate bitline noise. However, they suffer from the area
penalty introduced by the twist area and the contact congestion problem in-
duced yield degradation. As this problem becomes much severer with contin-
uously shrinking feature size, multiple twisted folded bitline arrays lose their
charms gradually.

Mixed array structure

Since open bitline arrays have the ability to accommodate more cells while folded
bitline arrays can suppress bitline noise, a mixture of both bitline arrangements
comes into play when cells become even smaller. In [31] the cells are arranged
in a manner that open and folded bitline pairs can be placed in an interleaved
style. When it is accessed half of the bitline pairs will work in folded bitline mode
while the others in open bitline mode. In [32] a folded mixed array is proposed for
6F 2 cell array, extra switches are placed in between two sub-arrays and a special
cell arrangement has to be made. As a benefit, these arrays can reduce bitline
to bitline disturbance while increasing cell density to a higher degree that folded
bitline array can not achieve. However, the irregular cell arrangement complicates
the layout and technology. These mixed array structures provide only temporary
transitions from 8F 2 cells to 6F 2.

Arrays with bitline shielding

Folded bitline arrays have long been popular because of their better bitline noise
suppression ability. However, with the cell size scaling down to 6F 2 they are
suddenly given up because the cells are becoming too compact to be arranged in
an interleaved style required by folded bitline arrays. Mixed array structures can
temporarily accommodate 6F 2 cells with tolerable bitline noise but still confront
the same problem - what if cells evolve to 4F 2? One solution can be the bitline
shielding technique.
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Fig. 2.9: An open bit line array with self isolation

In fact, bitline shielding has been proposed for many years. An open bitline
array with self bitline shielding was proposed [33] during the time when folded
bitline with multiple twists were still popular as shown in Fig. 2.9. The shielding
function is accomplished as follows: Before the wordline WLn is accessed, Mux2

is selected and sense amplifiers (SA) are connected to bitlines BL1, BLb1 and
BL3, BLb3 respectively. At the same time, bitlines BL2, BLb2, BL4, BLb4 are
tied to equalization voltage Veq. When WLn is switched on, bitlines BL1, BL3 will
rise or fall because of the charge redistribution process while their neighbors stay
quiet. As explained in the previous sections, in this scenario the active bitlines
will not be disturbed and thus the array provides a developed voltage amplitude
almost identical to the multiple twisted folded bitline array in Fig. 2.8(b) but
without extra die cost as needed for the twist region in multiple twisted array.
The limitation of the isolated open bitline structure resides in applicable cell size.
When cells are squeezed to below 6F 2, it becomes infeasible.

The technology solution for bitline shielding was first proposed by Mashiko
[34] in an open bitline 256K DRAM design in 1984. In his approach, the open
bitlines are isolated from each other by MOS type cell capacitors and wordline
contacts. However, three poly-silicon layers are used in the design and the result-
ing cost is relatively high.

Stacked capacitor [35, 36, 37] DRAM cell inherently has bitline shielding abil-
ity because the cell transistors, which are fabricated on the silicon surface, have
to be connected to the stacked capacitors that usually stay in the top layer above
the interconnections for the bitline formation. Since the capacitor contacts are
made by metallic connections, a shielding structure is naturally formed between
bitlines.
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2.2.3 Evaluation of developed bitline voltage in pre-sensing

In the previous section, Vsign is estimated for different array structures. Unfortu-
nately, the neighboring bitline voltage change ∆VX , ∆VY in these Vsign equations
are actually uncertain. Since Vsign is very important especially for yield estima-
tion in succeeding chapters, a set of metrics will be developed here to help the
calculation of bitline voltage in an array.

Eqn. (2.11), Eqn. (2.10) and charge equilibrium is always valid for all array
structures. Once the charge conservation equations describing the voltage change
of each bitline in an array are considered, a linear matrix to describe the charge
balance in an n × m array can be obtained.

Q = C · V′

BL
, and V′

BL
= C−1 ·Q, (2.24)

where

V′

BL
=

(
V ′

BLdum, V ′

BLm, V ′

BLm−1, . . . , V
′

BL1, V
′

BL0, V
′

BLdum

)T

m+2
, (2.25)

Q =














VdumCd

VcellnCs + nC ′

blVeq + nC ′

bl2wl∆VWL

Vcelln−1Cs + nC ′

blVeq + nC ′

bl2wl∆VWL
...
Vcell2Cs + nC ′

blVeq + nC ′

bl2wl∆VWL

Vcell1Cs + nC ′

blVeq + nC ′

bl2wl∆VWL

VdumCd














m+2

, (2.26)

C =














Cd 0 0 0 0 . . . 0 0 0
γ β α 0 0 . . . 0 0 0
0 γ β α 0 . . . 0 0 0

. . .

0 0 0 . . . 0 γ β α 0
0 0 0 . . . 0 0 γ β α
0 0 0 . . . 0 0 0 0 Cd














m+2,m+2

. (2.27)

V′

BL
is the vector containing all bitline voltages after pre-sensing. m, n are the

total number of bitlines in the sub-array and total bits per bitline, respectively.
Vdum, Cd are the voltage and capacitance for dummy bitlines on the boundaries of
the array. Since dummy bitlines are tied to fixed potentials, Vdum is a constant. α,
β, γ are parameters determined by array structure and array capacitive parasitics,
e.g., for a folded bitline array as shown in Fig. 2.7, α = γ = −nC ′

bl2bl, β =
(Cs + nC ′

bl + nC ′

bl2wl + 2nC ′

bl2bl).
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Fig. 2.10: Comparison of calculated Vsign(N) with SPICE simulation for a
multiple twisted folded array with 512 bitlines and random data pattern
(256 generated Vsign) for a 75nm DRAM core array
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Fig. 2.11: Arrays with and without twists

Random data patterns

Vsign for each bitline pair is then obtained from the difference between the true
and complementary bitline voltage. By means of mathematic tools, Eqn. (2.24)
can be easily solved in short time. Fig. 2.10 demonstrates an example where the
theoretical calculated Vsign for each bitline pair is compared to the outcome of
SPICE simulation with a random solid ’0’, ’1’ pattern in the multiple twisted
folded array of Fig. 2.8. Evidently, the results prove the good accuracy of the
charge conservation model.

An obvious advantage from the model is that all kinds of data patterns
and parameter alternations can be processed with much less effort compared to
SPICE simulations. Here, several evaluations are carried out on different array
structures as shown in Fig. 2.11 and Fig. 2.12. A random data pattern with
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Fig. 2.12: Comparison of calculated Vsign for (a), (b), (c), (d) arrays in
Fig. 2.11 with random data pattern

solid ’0’s, ’1’s is first fed to the arrays. When the equalization voltage Veq is
swept from 0 to Vdd, the calculated Vsign for all bitline pairs are recorded as
shown in Fig. 2.12. Since Vsign is proportional to Veq when Vcell is constant, these
plots exhibit several straight lines. Interestingly, although 256 Vsign values are
obtained each time from an array at a given Veq, they are discretely positioned at
only several levels. The reason is found in the number of different neighbor types
for a given bitline pair. For the folded bitline array, each bitline pair has two
neighbors - an active bitline and a reference bitline, and therefore, there are two
strong and two weak trajectories caused by the bitline pair’s active and reference
neighbors, respectively, for both Vsign > 0 and Vsign < 0. For multiple twisted
arrays, the increased number of non-common mode neighboring bitlines will give
rise to more trajectories as shown in (d). Since twist (c) contributes almost no
differential mode bitline noise, its outcomes are very uniform.
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Some regular data patterns

When data stored in an array exhibits regular topologies such as all ’0’, all ’1’ or
a ’01’ interleaved pattern, Eqn. (2.24) can be greatly simplified, i.e., V′

BL
in the

array will become uniform and amplitudes of Vsign for all pairs will be identical.

For an open bitline array ’01’ alternating pattern gives a larger pre-sensing
voltage amplitude and all ’0’ or all ’1’ generates a much smaller pre-sensing
voltage amplitude, whereas in a folded bitline array the data sequences give com-
pletely opposite results. However in either case, the regular pattern corresponding
to the situation where the bitline interference is most significant are used in the
book. In the open bitline array, ideally there will be no bitline to bitline noise
when all the bitlines rise up or drop down simultaneously with all ’0’ or ’1’
pattern; Conversely the ’01’ alternating pattern results in completely different
movements for every bitline and its neighbors, deteriorating Vsign for all pairs.
Fig. 2.13 illustrates the situations in folded bitline array. Due to Cbl2bl when the
’01’ alternating pattern is applied, the reference bitline voltage in the folded bit-
line array will barely change due to the symmetric and opposite movements of
their neighboring bitlines; But they will be raised or lowered from Veq in all ’1’
or ’0’ pattern. As a result, the ’01’ alternating pattern gives larger Vsign than all
’0’ or ’1’ pattern for folded bitline arrays.

(a) 01 alternating pattern (b) all 1 pattern

1

0 0

1 1 11 1

Reference bitlinesActive bitlines

V
ol

ta
ge

Cbl

Cbl2bl
Vsign

Fig. 2.13: The bitline voltage for different data pattern in folded bitline
array

It is also interesting to see that with Veq = Vdd/2 and regular patterns, Vsign

of bitline pairs in the array from the metrics in Eqn. (2.24) become uniform. By
assuming ∆VX , ∆VY in Eqn. (2.15), Eqn. (2.18) and Eqn. (2.22) have the same
amplitude as the bitline pair being focused, the regular pattern related Vsign can
be written as

Vsign =
Cs · (Vcell − Veq)

Cs + n · (C ′

bl + C ′

bl2wl + λ · C ′

bl2bl)
(2.28)

λ in Eqn. (2.28) depends on array structures and data patterns as summarized in
Table 2.1. When statistical variations are applied to array parameters, Vsign will
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show a Gaussian like distribution according to central limit theorem. Therefore,
these patterns are quite useful in analyzing and estimating the DRAM yield.

Table 2.1: λ for different arrays and data patterns
Folded array Open array MTW1 MTW2

Patterns with smaller pre-sensing voltage 4 4 3 3
Patterns with larger pre-sensing voltage 2 0 2 3

MTW1: Multiple twisted folded bitline array in Fig. 2.11(b)
MTW2: Multiple twisted folded bitline array in Fig. 2.11(c)

2.3 Post-sensing Crosstalk Coupling

The developed bitline voltage holds its amplitude for several nanoseconds after
pre-sensing until sense amplifiers are triggered. Sense amplifiers enlarge the volt-
age difference between a bitline pair, and recover the cell voltage to Vdd or Vss.
Theoretically, the sense amplifier’s outcome should only be determined by Vsign,
i.e., the output is ’1’ for Vsign > 0 and ’0’ for Vsign < 0. However, it can actually
be opposite and hence leads to a failure due to the presence of threshold voltage
mismatch of sensing transistors and cross-talk coupling between bitlines during
post-sensing.

The threshold mismatch of sensing transistors will be disscussed later in
Chapter 4. It can be equivalent to an input voltage source Vos that is directly
added to Vsign from pre-sensing. When |Vsign| < |Vos| the sensing may fail to
generate a correct outcome. Taking Vos into consideration, the effective input
differential voltage after pre-sensing is changed from Vsign to V ′

sign = Vsign + Vos.

In addition to the impact resulting from mismatch of sensing transistors, the
rapidly changing bitline voltages during post-sensing introduce high frequency
disturbances through parasitic capacitances between bitlines. Furthermore, due
to randomized mismatch of sensing transistors, V ′

sign for each bitline pair differs
from one another. Bitline pairs with larger V ′

sign will be driven faster and become
aggressors, attacking the weaker neighbors and turning them into sensing fail-
ures. As a result, post-sensing coupling deteriorates the situation that is already
worsened by the presence of mismatched sensing transistors.

2.3.1 Cross-talk coupling with non-latched sense ampli-

fiers

When bitlines are driven by sense amplifiers without positive feedback loop, cross-
talk coupling will not generate failures since final outputs are determined by the
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Fig. 2.14: Circuit model (a) and its small signal circuits (b) to study the
coupling behavior for transconductance sense amplifiers

invariable inputs in this case. This can be accomplished by separating the sensing
process from the cell refresh process. Because the output loads of sense amplifiers
are capacitive in DRAM core, operational transconductance amplifiers (OTAs)
can be used. Suppose the transconductance of sense amplifiers are equal to gm

and the coupling capacitor Ccpl exists between two outputs vx and vy as shown
in Fig. 2.14(a). Differential equations can be drawn from the equivalent small
signal circuits in Fig. 2.14(b) as







Cbl ·
∂vx

∂t
+ Ccpl ·

∂(vx − vy)

∂t
= −gm · vx(0) − vx/ro

Cbl ·
∂vy

∂t
+ Ccpl ·

∂(vy − vx)

∂t
= −gm · vy(0) − vx/ro

(2.29)

In above equations, ro is the output resistance of the OTA type sense amplifier;
Cbl is the load capacitance; Ccpl is the coupling capacitor between two sense
amplifier outputs. Suppose the initial outputs of vx, vy are 0, and initial inputs
for the sense amplifiers are va, vb. The above equations yield the transient output
of vx:

vx(t) = −va

2
· gmro · [2 − e

−
t

roCbl − e
−

t
ro(Cbl+2Ccpl) ]

− vb

2
· gmro · [e

−
t

ro(Cbl+2Ccpl) − e
−

t
roCbl ]

︸ ︷︷ ︸

coupled voltage

(2.30)

Eqn. (2.30) suggests:

• vx may need longer time to reach an expected amplitude when vb < 0 and
va > 0;

• The coupled voltage increases with larger Ccpl;

• The coupled voltage increases with larger gmro;
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When the output from Eqn. (2.30) is referred back to the input of vx, the equiv-
alent initial input v′

a becomes

v′

a = va + vb ·
−e

−
t

roCbl + e
−

t
ro(Cbl+2Ccpl)

2 − e
−

t
roCbl − e

−
t

ro(Cbl+2Ccpl)

= va + Kcpl · vb , (t 6= 0) (2.31)

The coefficient Kcpl is a function of time, coupling capacitor Ccpl, sense amplifier
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Cbl/Cbl2bl = 80/5(fF/fF), ro = 100kΩ

Cbl/Cbl2bl = 80/20(fF/fF), ro = 50kΩ

Cbl/Cbl2bl = 80/10(fF/fF), ro = 100kΩ

Cbl/Cbl2bl = 80/20(fF/fF), ro = 100kΩ

Fig. 2.15: Calculated Kcpl corresponding to different parameters for OTA
type sense amplifiers (t 6= 0).

load capacitance Cbl and output impedance ro. Fig. 2.15 shows the calculated
Kcpl vs. time delay for different Cbl, Ccpl and ro settings. The time delay here is
calculated from the on-time of sense amplifiers to the time when the outputs are
sampled.

Example

Suppose in an extreme case where vb is hundred times larger than va and they have

different polarities, the output is sampled at time t = 40ns after the sense amplifiers are

enabled. From Fig.2.15 the group with Cbl/Ccpl = 4, R = 100kΩ will give rise to wrong

outcomes since Kcpl at t = 40ns is still greater than 1/100. The figure also suggests the

group with lower output resistance ro = 50kΩ is favorable since their Kcpl attenuates

much faster with the elapse of time.
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Similarly, when the output is coupled on both sides by two different sources
vy and vz that are also driven by gm sense amplifiers, Eqn. (2.31) changes to

v′

a(t) = −1

3
gmro · [3 − e

−
t

roCbl − 2e
−

t
ro(3Ccpl+Cbl) ] · va

− 1

3
gmro · [e

−
t

ro(3Ccpl+Cbl) − e
−

t
roCbl ] · (vb + vc), (2.32)

where vb, vc are the initial input voltages of neighboring sense amplifiers. The
equivalent input initial voltage of the victim becomes

v′

a = va + Kcpl · (vb + vc) (2.33)

which is similar to Eqn. (2.31).

2.3.2 Cross-talk coupling with latched sense amplifiers

Latched sense amplifiers as shown in Fig. 2.16 are more popular than non-latch
sense amplifiers in commercial DRAMs due to several reasons. Firstly, sensing
and cell refresh can be combined into one process with the aid of the positive
feedback loop. Secondly, the amplification speed can be greatly accelerated by
the latch structure. Lastly, the control effort and area consumption of this sense
amplifier is relatively low compared to the OTA style.

Vout = Vin = VX − VY

VX

VY

vx

vy

gmvy

gmvx

ro

ro Cbl

Cbl

Fig. 2.16: A latched amplifier and its equivalent small signal circuits (Sup-
pose the operating point VX ≈ VY so that the latch can be represented as
its AC counterpart consisting of transconductance gm, output resistance ro

and load capacitance Cbl)

The disadvantage of using latched sense amplifiers comes from the increasing
failures caused by cross-talk coupling through parasitic bitline to bitline capaci-
tance. In contrast to OTA type sense amplifiers, once the polarity of the bitline
voltage difference of a weak sense amplifier is forced to flip by cross-talk interfer-
ence, it will be never turned over again even with infinite sensing delay because
of the internal positive feedback loop that continuously strengthens the input
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Fig. 2.17: A circuit set up to study the coupling effect between latched sense
amplifiers.

though it may be accidentally generated under the influence of neighboring bit-
lines.

Suppose in a folded bitline array a weak sensing pair is placed between two
strong neighbors that are barely affected by others as shown in Fig. 2.17 (a). To
make it simple, it is further assumed the two strong pairs have the same bitline
voltage as vy, vx while the center sense amplifier’s bitline voltages are v1, v2 as
denoted. Noticeably, since the top and bottom strong pairs have the same bitline
voltage their small signal circuit can be represented by the same one as shown in
Fig. 2.17(b). When the initial inputs of the latch sense amplifiers are va, vb for
the weak and strong pairs, the following differential equations can be drawn as







Cbl · dv1/dt + Ccpl · d(v1 − vy) = −gmv2 − v1/ro

Cbl · dv2/dt + Ccpl · d(v2 − vx) = −gmv1 − v2/ro

Cbl · dvy/dt + Ccpl · d(vy − v1) = −gmvx − vy/ro

Cbl · dvx/dt + Ccpl · d(vx − v2) = −gmvy − vx/ro

v1(0) = va/2, v2(0) = −va/2
vy(0) = vb/2, vx(0) = −vb/2

(2.34)

Cbl is not shown in Fig. 2.17. It can be regarded as bitline to ground parasitic
capacitance. By solving the above differential equations, the output of the weak
pair is obtained

vo(t) = v1(t) − v2(t)

=
va

2
· [e

gmro−1
ro(2Ccpl+Cbl)

t
+ e

gmro−1
roCbl

t
] +

vb

2
· [e

gmro−1
ro(2Ccpl+Cbl)

t − e
gmro−1

roCbl
t
] (2.35)

Suppose va is greater than zero. Predictably, vo will increase with time when
cross-talk coupling does not exist, i.e., ∆vo/∆t ≥ 0. Conversely, with larger vb
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the weak sensing tends to fail because its bitline voltage difference vo(t) drops
with time, i.e., ∆vo(t)/∆t < 0. By differentiating Eqn. (2.35), the slope of vo(t)
gives

S(t) =
1

2
· (gmro − 1) · [va + vb

roCbl
· e

gmro−1
roCbl

t
+

va − vb

ro(2Ccpl + Cbl)
· e

gmro−1
ro(2Ccpl+Cbl)

t
] (2.36)

In order to avoid failure, S(t) has to be greater than 0. As a result, va and vb

should satisfy the following inequality

va

vb

>
(2Ccpl + Cbl) · e

gmro−1
roCbl

t − Cbl · e
gmro−1

ro(2Ccpl+Cbl)
t

(2Ccpl + Cbl) · e
gmro−1

roCbl
t
+ Cbl · e

gmro−1
ro(2Ccpl+Cbl)

t
(2.37)

When the initial input va is equal to vb, from Eqn. (2.35) the strong pair output
follows

vo = vbe
gmro−1

ro(Cbl+2Ccpl) (2.38)

Since the coupling disappears when the outputs of the strong pairs reach max-
imum supply rails as shown in Fig. 2.18, the total coupling time approximates
to the time from Eqn. (2.38) when vo = Vdd.

tcpl =
ro(Cbl + 2Ccpl)

gmro − 1
ln

Vdd

vb

(2.39)

By taking tcpl into inequality (2.37), the pass/fail boundary for va is found

va > vb ·
(2Ccpl + Cbl) · (Vdd/vb)

2Ccpl
Cbl − Cbl

(2Ccpl + Cbl) · (Vdd/vb)
2Ccpl
Cbl + Cbl

= vb · f(Cbl, Ccpl, vb) (2.40)

va should be larger than the boundary value to maintain a correct outcome. The
outcome of function f(Cbl, Ccpl, vb) rises with increasing vb. Eventually, when vb

approaches Vdd:

va,max > f(Cbl, Ccpl, vb)|vb=Vdd
· vb =

Ccpl

Cbl + Ccpl
· Vdd (2.41)
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Fig. 2.18: Definition of coupling time tcpl
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As long as va > va,max, cross-talk coupling will not increase failures no matter
what value vb is. The result also implies that the safe margin for va is independent
of the design parameters of the latched sense amplifier since gm, ro disappear in
inequality (2.40).

0 0.1 0.2 0.3 0.4 0.5

0

0.01

0.02

0.03

0.04

0.05

0.06

0.07

0.08

0.09

0.1

v
a

(V
)

vb (V)

Cbl/Ccpl = 80/10 (fF/fF)

Cbl/Ccpl = 40/10 (fF/fF)

Cbl/Ccpl = 80/5 (fF/fF)

Cbl/Ccpl = 40/5 (fF/fF)

Fig. 2.19: Calculated coupling error boundary for latched sense amplifiers.
When va is located above these curves, there will be no failure due to
crosstalk coupling.

Calculated margin curves from inequality (2.40) for different bitline and sense
amplifier parameters are illustrated in Fig. 2.19. To avoid failures by cross-talk
coupling, va should be chosen from the region above these curves. From inequality
(2.40) the safe boundary is only related to the initial voltage of the strong sensing
pair vb and capacitor ratio Cbl/Ccpl. Therefore, the third and fourth curves with
the same capacitor ratio Cbl/Ccpl = 8 stay together while larger and smaller
Cbl/Ccpl ratio move the curve down and up, respectively. The figure implies that
when Cbl/Ccpl becomes smaller, post-sensing coupling will be much severer, and
thus the safe margin of va has to be elevated.

The theoretical calculations are also compared to SPICE simulations as
shown in Fig. 2.20. With the same circuit setup as Fig. 2.17(a) and by sweeping
va the pass/fail boundary corresponding to a given vb can be found. Evidently,
the SPICE outcomes show excellent agreement to the theoretical calculations.



2.3. Post-sensing Crosstalk Coupling 41

0 0.05 0.1 0.15 0.2
vb (V)

70mV

50mV

Cbl/Ccpl = 88/10, Theory

Va = Vb

Cbl/Ccpl = 88/10, SPICE

5
0
m

V

0

0.01

0.02

0.03

0.04

0.05

0.06

0.07

0.08

0.09

0.1
v

a
(V

)

Fig. 2.20: Comparison of SPICE simulated and theoretically calculated
boundary with latched sense amplifiers. An example of using this curve
to facilitate the design of required Vsign in consideration of coupling and
sense amplifier input offset Vos is also shown: with 50mV sense amplifier
offset and worst pattern condition, the required minimum Vsign is 70mV.

For DRAM core array design, inequality (2.40) also provides a reliable reference
on determining the minimum required voltage difference Vsign in consideration of
both sense amplifier mismatch equivalent input offset Vos and post-sensing cou-
pling.

Example

Suppose input offset Vos of sense amplifiers is 50mV (5σ) and the array is accessed with

worst case pattern that generates smallest but uniform Vsign for all sensing pairs. With

50mV Vos the maximum effective voltage difference will be |Vsign| + 50mV and the

minimum will be |Vsign| − 50mV. Therefore, the points positioned at (|Vsign| + 50mV,

|Vsign| − 50mv) correspond to (vb, va). va = vb is shifted to the right for 50mV and

the crossing point of the line and the coupling boundary curve is determined. The x

coordinate of the crossing point is the required Vsign to avoid coupling failure. In this

case, Vsign should be greater than 70mV, which is 1.4 times of Vos. Similarly, when the

minimum Vsign is given, the required maximum Vos can also be estimated by this plot.
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Similar to coupling analysis with OTA type sense amplifiers, from Eqn. (2.35)
the equivalent initial input voltage of the weak pair can be obtained.

v′

a = va −
e

gmro−1
roCbl

t − e
gmro−1

ro(2Ccpl+Cbl)
t

e
gmro−1

roCbl
t
+ e

gmro−1
ro(2Ccpl+Cbl)

t
· vb

= va − Kcpl · vb (2.42)

Kcpl is a function of coupling time tcpl that is determined by the strong pair from
Eqn. (2.39). By taking tcpl into Eqn. (2.42), Kcpl is transformed into a function
with vb as the input variable.

Kcpl =
(Vdd/vb)

2Ccpl
Cbl − 1

(Vdd/vb)
2Ccpl
Cbl + 1

(2.43)

Kcpl versus vb is plotted in Fig. 2.21. When vb is close to zero, Kcpl becomes larger.
In case the worst pattern is applied to the array, because of the sense amplifier
mismatch equivalent input offset Vos, most pairs will have voltage amplitudes
around Vsign while some minorities will have voltage amplitudes smaller than
Vsign. Probably, the minorities will become the victims of the crosstalk coupling.

It is noticed that Kcpl versus vb is more important for latched sense amplifiers.
Since for OTA style sense amplifiers another latch circuit is used to sample the
magnified voltage and memorize the valid output, for OTA sense amplifiers Kcpl

versus sampling time t is valuable.

2.3.3 Array structures and post-sensing coupling

As has been shown in the previous analysis, array structures with OTA style
sense amplifiers are insensible to cross-talk coupling since bitlines are isolated
from sense amplifier outputs where coupling happens. On the contrary for array
structures with latched type sense amplifiers it is crucial to suppress cross-talk
coupling.

In the above calculations, a folded bitline structure was used as an example.
For open bitline arrays, since each bitline has two active neighbors, the strength of
cross-talk coupling will then be doubled. Fig. 2.22 compares a folded bitline array
to two different open bitline arrays with the same bitline pitch. By observation,
the open bitline structures can be completely fit into the folded bitline setup, so
that the equations obtained to analyze the coupling in folded bitline array can
also be applied to open bitline arrays. Two different sense amplifier arrangements
for open bitline array are shown in Fig. 2.22(b). In both open bitline structures
the true and complementary bitlines are seriously coupled by their neighboring
bitlines. In multiple twisted folded bitline arrays, the post-sensing coupling can
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Fig. 2.21: Kcpl vs. vb for the weak pair with latched sense amplifiers

be further reduced thanks to the ability of the arrays in transforming differential
coupling into common mode coupling. Post-sensing coupling in different arrays
exhibits the same dependency on the array structures as Vsign: the open bitline
arrays are worse than the folded bitline arrays while both are inferior to the
multiple twisted folded bitline arrays. If open bitline array has to be used for
6F 2 or 4F 2 cell arrays, the bitline shielding becomes the ultimate measure that
has to be be taken. However, since bitline to bitline capacitance can never be
completely eliminated even with bitline shielding, the above worst case model is
still valid for future DRAM core design.

Suppose Cbl,0, Cbl2bl are bitline to ground and bitline to bitline capacitance
for different arrays. Table 2.3.3 summarizes Cbl, Ccpl in Eqn. (2.42), Eqn. (2.43)
from Fig. 2.17.

Table 2.2: Equivalent capacitance Cbl and Ccpl for folded and open bitline
arrays

Array Cbl Ccpl

Folded bitline array Cbl,0 + 2Cbl2bl Cbl2bl

Open bitline array Cbl,0 2Cbl2bl



44 Chapter 2. DRAM Core Array

SA

SA

SA

Ccpl

Ccpl

Ccpl

Ccpl

Ccpl

(a) Folded bitline array (b) Open bitline array

VX

VY

V1

V2

VX

VY

Ccpl

Ccpl

Ccpl

Ccpl

V1

VX VY

VX VY

SA

SA

SA

V2

SA

SA

SA

SA

Ccpl

Ccpl

Ccpl

Ccpl

V1

VX VY

VX VY

Fig. 2.22: Coupling capacitance comparison between folded and open bitline
arrays with the worst coupling pattern

2.4 Summary

In this chapter, cell access speed and obtainable maximum bitline voltage differ-
ence Vsign during pre-sensing are studied in the presence of array parasitics for
different kinds of arrays. By charge conservation, the metrics to acquire the bitline
voltages for different arrays are formulated. With their help, Vsign for each bitline
pair in an array with any data patterns can be evaluated with both high precision
and speed. Post-sensing coupling effects between bitlines are modeled for both
OTA type sense amplifiers and latched sense amplifiers. The bitline to bitline
capacitance is found to be the most crucial parasitic parameter in array design.
In total, the equations and models provide a guide for DRAM array/sense am-
plifier design in consideration of array parasitic resistance/capacitance, coupling
and sense amplifier offset. Based on these important outcomes, yield estimation
and analysis will be introduced and formulated in the following chapters.



Chapter 3

DRAM Sense Amplifier and
Sensing Techniques

3.1 Introduction

DRAM sense amplifiers are used to ’sense’ small changes caused by wordline
activation. These changes can be in the form of voltage, current and charge as
discussed in Section 1.4. Like other sensing circuits in SRAM, non-volatile mem-
ory (flash memory) and sensors, first of all DRAM sense amplifiers must have the
ability to detect and amplify these changes within finite time. Besides that, the
sense amplifiers in DRAM also function as buffers that can memorize thousands
of bits obtained in a single sensing so as to improve IO throughput of a memory
chip. In addition, the lost information due to the inherent destructive sensing
must be restored with the help of sense amplifiers. In short, they provide three
basic functions: sensing, latching and refreshing as shown in Fig. 3.1.

Sensing Latching

Refreshing

Input Output

Fig. 3.1: Functions of a DRAM sense amplifier

The three functions take place successively in that latching and refreshing
depend on the outcome from sensing. Generally latching occurs no later than
refreshing because latching is more important in consideration of bit stream
throughput. According to the listed functions, DRAM sense amplifiers can be

45
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built in complex or simple style in terms of speed, area and power consumption.
However, a cross coupled transistor pair has become a necessary part for all kinds
of DRAM sense amplifiers since it can implement the required latch function with
least area cost.

In this chapter, different sense amplifiers and sensing schemes will be dis-
cussed. As voltage sensing is the most popular and simplest sensing style in
DRAM, latched sense amplifiers in CMOS technology is the focus. Its post-sensing
speed, power efficiency and other related issues will be discussed in detail. Other
sensing techniques and sense amplifiers are also discussed in comparison with
CMOS latched sense amplifiers with voltage sensing scheme. It will be shown
that CMOS latched sense amplifier with mid-level sensing can achieve the best
balances between yield, area, power and control effort.

3.2 Low-, Mid- and High-Level Sensing

3.2.1 NMOS sense amplifiers

The first sense amplifier used for a single transistor DRAM cell was demonstrated
in [38] as shown in Fig. 3.2 . It consists of equalization switch, n-latch pair and
pull up transistors. NMOS technology dominated the semiconductor industry
at that time and an open bitline array was used in the design to ease cell ar-
rangement. The control signal φ1 enables the n-latch pair to detect the input
voltage difference and φ1d enables the pull up transistors to bring one bitline to
Vdd − Vthn. Thus the cell voltage is restored. This sense amplifier suffers from cell
voltage loss, i.e., the n- pull up transistors can only raise the bitline voltage to
Vdd − Vthn instead of Vdd with non-boosted gate control voltage. Interestingly, in
equalization the bitline pairs are balanced by the EQ switch to a voltage level
that is not accurately defined. According to the bitline voltage that is at either
Vdd−Vthn or 0 when amplification is completed, the equalization voltage is around
(Vdd − Vthn)/2.

The two cross-coupled transistors in Fig. 3.2 will be in saturation when
they are enabled because their gate drain voltage differences are less than Vthn

at the beginning. The amplification speed can be estimated by the single pole
approximation [39]

tsa ∝ Cbl

gm
=

Cbl

KnµnCox
Wn

Ln
(Vgs − Vthn)

(3.1)

where Cbl, 1/gm are capacitance and impedance seen from the sensing nodes.
Since the bitline voltage is (Vdd − Vthn)/2 after equalization, Vgs − Vthn of the
latch pair will be around (Vdd − 3Vthn)/2. It results in slower sensing speed when
Vdd is low or Vthn is high.
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Fig. 3.2: The first sense amplifier for single transistor DRAM cell array

Because the equalization voltage is close to the middle level of bitline high
and low voltages, this sensing scheme is a kind of ’pseudo’ mid-level sensing.
The average power consumption1 of this sensing scheme in one access cycle is
approximately

Psens,mid =
1

T

∫

V Idt =
(Cbl + Cs/2)(Vdd − Vthn)Vdd

2T
(3.2)

To improve the sensing speed, the high level-sensing scheme was introduced
later in a 16-kbit DRAM design [40]. In fact there is no change in sense amplifier
circuit but the bitline pair is pre-charged to Vdd − Vthn instead of (Vdd − Vthn)/2
during equalization. As a result, the higher bitline operating voltage raises the
overdrive voltage Vgs − Vthn in Eqn. (3.1) to Vdd − 2Vthn, enhancing the sensing
speed.

However, since in the new scenario both bitlines are charged to around supply
voltage Vdd, the average power consumption per sense amplifier in one access cycle
gives

Psens,high =
1

T

∫

V Idt =
(Cbl + Cs/2)(Vdd − Vthn)Vdd

T
(3.3)

In contrast with the ’pseudo’ mid-level sensing scheme, average power consump-
tion of high-level sensing is doubled since it wastes part of energy in raising both
bitlines to Vdd − Vthn. This agrees with the power speed trade-off usually seen in
circuit design.

1In this chapter, unless specified, ’1’ and ’0’ cells are assumed to appear with 50% probability
in average power consumption calculation.
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φ1

Cboost Cboost

bitline bitline

Fig. 3.3: By placing two capacitors between bitlines and φ1, the bitline
voltage becomes higher when the n-latch pair is enabled [41].

Further speed enhancement can be achieved by boosting bitline voltage to
even higher level by placing capacitors between the bitlines and the latch enable
signal as shown in Fig. 3.3 [41]. Like high-level sensing, in this scenario bitline
pair will be first charged to Vdd −Vthn in equalization. As the charge in Cboost can
not change in short time, when φ1 goes high, the bitline voltage will be pumped
up to a voltage higher than Vdd − Vthn and with such aid the sensing speed can
be further improved.

As demonstrated, in NMOS technology the sensing speed of sense ampli-
fiers is the major concern. Moreover, these sense amplifiers suffer from great cell
voltage loss due to the n-pull-up transistors. Since the on resistances of pull-up
transistors in Fig. 3.2 rise quickly with the increase of bitline voltage, the re-
quired bitline charging time is hard to determine. Though the high-level sensing
scheme can improve post-sensing speed, it still takes long time to charge bitlines
to Vdd − Vthn in equalization. As a consequence, CMOS technology became more
appealing for 64-kbits DRAM generation and beyond [42].

3.2.2 CMOS sense amplifiers

The first DRAM CMOS sense amplifier appeared in 1984 [43] as shown in Fig. 3.4.
Compared to earlier designs, the pull-up transistors are replaced with a p-latch
pair that can provide low on-resistance in pulling the bitline voltage to Vdd. The
sense amplifier is shared by arrays on both sides by turning on left or right isola-
tion switches. As one bitline will be at Vdd and another at ground when sensing
is accomplished, after equalization both bitlines will be at Vdd/2 and thus this
sensing scheme is a perfect mid-level sensing, which benefits from lower power
consumption compared to high or low level sensing. The sensing speed of the
mid-level sensing scheme with CMOS sense amplifier is found to be comparable
to a high-level sensing scheme because the valid gm in Eqn. (3.1) is the total sum
of transconductance of both n- and p-sensing transistors. To trace the cell volt-
age fluctuation better, a pair of dummy cells are used to generate a reference cell
voltage that is close to Vdd/2 when EQ is on. The reference cell voltage provides
a precise comparable voltage level for active cells by compensating cell voltage
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Fig. 3.4: The first CMOS DRAM sense amplifier with mid-level sensing
scheme [43] in a folded bitline array

loss. However, additional power and control effort have to be put on the dummy
cells.

The dummy cells in Fig. 3.4 are not absolutely necessary when equalization
voltage can be precisely defined. Fig. 3.5 gives another CMOS sense amplifier
used widely in nowadays’ DRAM products. The dummy reference cells are re-
placed with two switches that connect the bitlines to Vdd/2 when equalization is
enabled.

Extra attention should be paid to the isolation devices in Fig. 3.5 and
Fig. 3.4. Due to these devices the sense amplifiers can be shared by two arrays
on the left and right in folded bitline arrays. To minimize the area consumption,
even in CMOS technology most switching devices are designed in n-transistors
that have larger carrier mobility. When a bitline is needed to be pulled to Vdd by
the p-transistors, the isolation device will form a voltage clamp that limits the
maximum bitline voltage to Vg − Vthn. To alleviate the problem, the gate voltage
Vg is required to be higher than Vdd + Vthn and sometimes this causes reliability
problems.

Indeed, not only the switching transistors in sense amplifiers but also the cell
transistors are affected by the reduced Vgs caused by the change of the bitline
pre-charge voltage. For example, in mid-level sensing scheme, the half Vdd bitline
equalization voltage results in a larger on resistance for ’1’ cells, and therefore
the pre-sensing speed for these cells is slower. Typical solutions to cope with such
a problem include boosting the wordline voltage above Vdd (boosted wordline
technique [34]) or using low-level sensing scheme in which the equalization voltage
is around ground potential [44].
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Fig. 3.5: A mature CMOS DRAM sense amplifier used in folded bitline
array with isolation devices

In this section, the evolution of DRAM sense amplifiers together with low-,
mid- and high-level sensing schemes is depicted. Obviously, CMOS sense ampli-
fiers and mid-level sensing have advantages in power consumption, cell voltage
restoration and sensing speed. As a consequence, they are widely used in all kinds
of DRAM products up until today. It should also be noticed that the sensing
scheme is flexible according to the technology and application such as available
devices and voltage sources, power consumption, area, cost. For example, in pub-
lication [45] a 2/3 Vdd pre-charging scheme is used with CMOS sense amplifier
and p-transistor cell array to achieve high speed operation. However, these de-
signs are only for special technologies and specific products. In this thesis, since
the yield analysis for normal DRAM core design is the final goal, emphasis will
be put onto the CMOS sense amplifier with mid-level sensing due to their wide
applications.

3.3 CMOS Latched Sense Amplifier

In this section, the CMOS latched sense amplifier with mid-level sensing scheme
will be analyzed in detail with respect to its speed and power efficiency. As men-
tioned earlier, sensing, latching and refreshing are necessary functions for DRAM
sense amplifiers. In order to make sense amplifiers power and area efficient, they
are implemented by n- and p-latch pairs as shown in Fig. 3.6.
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Fig. 3.6: Complete CMOS DRAM sense amplifier in mid-level sensing
scheme

3.3.1 Operation and sensing speed

The entire sensing process is composed of three stages as shown in Fig. 1.4: equal-
ization, pre-sensing and post-sensing. EQ is turned on to equalize and charge both
bitlines to Veq, which is half Vdd for mid-level sensing. Then a wordline is activated
to release the cell charge to the bitline capacitance. Within a certain period of
time, a small voltage difference Vsign is developed between a pair of bitlines. SAE
and SAEd are enabled to switch on the CMOS latched sense amplifier. When
amplification is accomplished, the column select lines (CSLs) will go high to con-
nect the local bitlines to the global bitlines so that the sensing outcomes can be
transmitted through the global bitlines to the succeeding circuits. Since the high
capacitance global bitlines are pre-charged to Vdd, the instantaneous connection
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will temporarily raise the local bitline voltage to an higher voltage level depend-
ing on the sense amplifier output impedance and the capacitance ratio of the
local and global bitlines.

Equalization speed

The first step of sensing is equalization. Bitline pairs can be equalized by three
means: a) Connecting true and complementary bitline; b) Charging true and
complementary bitlines to equalization voltage Veq; c) Both a) and b) together.
The corresponding circuit implementations are shown in Fig. 3.7.

Bitline

Bitline

EQ EQ

Bitline

Bitline

Bitline

Bitline

EQVeq Veq

(a) (b) (c)

Fig. 3.7: Three different equalizer implementations

In (a) when EQ is high, positive charge will flow from the ’high’ bitline to
the ’low’ bitline. The charge redistribution process is identical to the pre-sensing
process as mentioned in Section 2.1. In analogy with Eqn. (2.5), the equalization
time required for a given settling error Verr between true and complementary
bitlines is

teq = ln(
|Vdd − Vss|

Verr
) · Ron

(1/Cbl + 1/Cbl)
= ln(

Vdd

Verr
) · RonCbl

2
(3.4)

where Ron is the on-resistance of the equalization transistor. Since Ron is a func-
tion of both drain and source voltage, maximum Ron appears when the source
voltage of the equalization transistor approaches Vdd/2.

Ron,max =
1

Kn
Wn

Ln
(Vg − Vdd/2 − Vthn)

(3.5)

Vg is the gate voltage of the equalization transistor in ’on’ state. By taking the
maximum Ron into Eqn. (3.4), the worst equalization time delay becomes

teq,max,a = ln(
Vdd

Verr
) · Cbl

2 · Kn
Wn

Ln
(Vg − Vdd/2 − Vthn)

(3.6)
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In (b) bitlines are charged by the transistors in linear region to Veq. As these
transistors are connected to Veq, currents through them follow

I1 = Kn
Wn

Ln

(Vg − Veq − Vthn)(Vbl − Veq) = Cbl ·
dVbl

dt
, for ’high’ bitline (3.7)

I2 = Kn
Wn

Ln

(Vg − Vbl − Vthn)(Veq − Vbl) = Cbl ·
dVbl

dt
, for ’low’ bitline (3.8)

After sensing, the bitline voltage is either Vdd or Vss. For the ’high’ bitline, the
source voltage of the equalization transistor is at Veq. The time taken to settle
the bitline voltage within Veq + Verr gives

teq,high,b = ln
Vdd

2Verr
· Cbl

Kn
Wn

Ln
(Vg − Vdd/2 − Vthn)

(3.9)

Similarly, for the ’low’ bitline the equalization transistor’s drain voltage is fixed
and its source voltage is floating. The corresponding worst settling time

teq,low,b = teq,high,b − ln
Vg − Vthn

Vg − Vthn − Vdd/2
· Cbl

Kn
Wn

Ln
(Vg − Vdd/2 − Vthn)

(3.10)

In comparison with equalization time in implementation (a),

teq,a < teq,high,b ,and teq,low,b < teq,high,b (3.11)

Since in Fig. 3.7(b) both bitlines are needed to be charged to Veq, teq,high,b is taken
as its equalization time. Evidently, implementation (b) is slower than (a). In fact,
the speed problem of (b) also comes from the output resistance of the voltage
source Veq. In practical design, this resistance is rather large to prevent large static
current caused by wordline to bitline electrical short failure resulting from the
technology defects, which can be repaired by redundant bitline pair. Therefore,
the single equalization transistor in (a) is necessary to guarantee enough equaliza-
tion speed. Hence when area permits, (c) is favored for productive DRAM design
as shown in Fig. 3.5.

Post-sensing speed

To investigate detailed operations of latched CMOS sense amplifier, Fig. 3.8 is
introduced by neglecting the on-resistance of the tail switches. Fig. 3.9 shows the
operating region of the four sensing transistors when they are enabled according
to different bitline voltages. As the name suggests, in mid-level sensing since VBL,
VBLb are around half Vdd, the four sensing transistors Mna, Mnb, Mpa, Mpb will
be in saturation. Suppose the post-sensing delay is dominated by the time when
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Fig. 3.8: CMOS latched sense amplifier and its small signal circuit model

sensing transistors are in saturation, according to the small signal circuits in
Fig. 3.8(b) the following differential equations can be drawn

{
Cbl · dvBL/dt + vBL/ro + gm · vBLb = 0
Cbl · dvBLb/dt + vBLb/ro + gm · vBL = 0

(3.12)

With initial conditions VBL − VBLb = vBL − vBLb = Vsign, Eqn. (3.12) gives the
sensing delay

tsa =
roCbl

gmro − 1
ln(

Vout

Vsign
) ≈ Cbl

gm
ln(

Vout

Vsign
) (3.13)

tsa begins at the time when the sense amplifier is enabled as shown in Fig. 3.6.
Because most of the time the sensing transistors are in saturation, the total
post-sensing delay is approximated by tsa. Eqn. (3.13) agrees well with the single
pole approximation used in Eqn. (3.1), emphasizing that Cbl should be minimized
while gm and Vsign should be maximized to increase post-sensing speed. Because
of technology shrinking and area constraint, the total sum of gm from n- and
p-sensing transistors in Eqn. (3.13) will not change much from generation to gen-
eration, and is comparable with gm of the n-sensing transistors in a high-level
sensing scheme. This explains the speed advantage of CMOS latched sense am-
plifiers with mid-level sensing as mentioned in reference [43]. Another interesting
outcome is that when Vsign is expressed by the array transfer ratio Kt as in
Eqn. (2.9) and the maximum output voltage is supposed to be Vdd, tsa seems to
be independent of the supply voltage Vdd

tsa =
Cbl

gm
ln(

2

Kt
) (3.14)

However, this conclusion is not true since gm drops with the decrease of supply
voltage, and thus tsa will be longer.
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Sensing delay of a complete access cycle

Suppose the cell voltage Vcell is 0 or Vdd, and the post sensing maximum output is
Vdd. The minimum required sensing delay of an access cycle can be formulated by
considering the timing delay in equalization, pre-sensing and post-sensing phases.
By Eqn. (3.4), Eqn. (2.5) and Eqn. (3.14) the total sensing delay is

tsens = teq + tpre + tpost

≈ ln(
Vdd

Verr,1

) · ReqCbl

2
+ ln(

Vdd

2Verr,2

) · (Rcell + Rbl)

1/Cs + 1/Cbl

+ ln(
2

Kt

) · Cbl

gm

(3.15)

Where Verr,1 and Verr,2 are settling error for equalization and pre-sensing phases,
respectively. They are usually set to a percentage of supply voltage Vdd. Clearly
Eqn. (3.15) confirms that the most effective means to improve the sensing speed
is reducing Cbl and Ron of switching transistors. Since Cbl here actually comprises
several different parasitic capacitances, it can be written as

Cbl = n · [C ′

bl + C ′

bl2wl + λ · C ′

bl2bl] (3.16)

n is the total number of cells per bitline. λ is determined by array structures
and data patterns as shown in Eqn. (2.28) and Table 2.1. Table 3.1 gives some
theoretical calculations as examples. The worst sensing delay happens with λ = 4
in none twist open or folded bitline arrays.
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Example

Suppose C ′

bl+C ′

bl2wl = 76/512fF, C ′

bl2bl = 16/512fF, Cs = 30fF, N = 512, Rcell = 15kΩ,

Req = 2.4kΩ, Vdd = 1.2V , gm = 200µS, Verr,1 = Verr,2 = 1/1000Vdd . Transfer ratio Kt

can be obtained from Eqn. (2.28). The resulting sensing delay for each array structure

is shown in Table 3.1.

Table 3.1: Estimated sensing speed, λ for different array structures and data
pattern

Pattern 0000...0000

Array structure λ teq tpre tpost ttotal Normalized
Folded 4 1.16ns 2.3ns 1.70ns 5.16ns 153%

MWT1 folded 3 1.03ns 2.25ns 1.44ns 4.72ns 140%
MWT2 folded 3 1.03ns 2.25ns 1.44ns 4.72ns 140%

Open 0 630ps 2.00ns 743ps 3.38ns 100%
Pattern 1010...1010

Folded 2 895ps 2.19ns 1.20ns 4.28ns 127%
MWT1 folded 2 895ps 2.19ns 1.20ns 4.28ns 127%
MWT2 folded 3 1.03ns 2.25ns 1.44ns 4.72ns 140%

Open 4 1.16ns 2.30ns 1.70ns 5.16ns 153%
Pattern 1111...1111

Folded 4 1.16ns 2.3ns 1.70ns 5.16ns 153%
MWT1 folded 3 1.03ns 2.25ns 1.44ns 4.72ns 140%
MWT2 folded 3 1.03ns 2.25ns 1.44ns 4.72ns 140%

Open 0 630ps 2.00ns 743ps 3.38ns 100%

From the table, the worst and best delay are found to be 5.16ns and 3.38ns
for open bitline array when array parasitics are taken into consideration. In order
to improve the worst case delay, methods to reducing bitline to bitline capacitance
like bitline shielding is mandatory for open bitlines.

3.3.2 Influence of tail switches on post-sensing speed

The post-sensing delay in Eqn. (3.13) neglects two effects caused by tail switches
in a CMOS latched sense amplifier as shown in Fig. 3.6: a) There is a switching-
on time delay td between n- and p-sensing transistors in CMOS sense amplifiers;
b) The on-resistance of the tail switches can be significant large due to their
small sizes. Both effects can substantially degrade the post-sensing speed as dis-
cussed. The delay between the sensing enable signals SAEd and SAE in Fig. 3.6
is generated due to the different path delays for the n- and p-tail switches. Since



3.3. CMOS Latched Sense Amplifier 57

0

100

200

300

400

500

600

5 5.5 6 6.5 7 7.5 8

T
ra

n
sc

o
n
d
u
c
ta

n
c
e

(µ
S
)

time (ns)

gmna (td = 0ps)
gmnb (td = 0ps)
gmna (td = 400ps)
gmnb (td = 400ps)

Fig. 3.10: gm of n-sensing transistors in a CMOS latched sense amplifier
with and without tail switch delay
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Fig. 3.11: gm of n- and p-sensing transistors in a CMOS latched sense am-
plifier with 400ps delay for p-sensing transistors

from Eqn. (3.12) it is clear that the post-sensing speed depends highly on the
transconductance gm of sensing transistors, let’s begin with the analysis of the
gm. By controlling the supply and ground voltage in Fig. 3.8, the change of
transconductance of the sensing transistors corresponding to different cases can
be simulated as follows.

Fig. 3.10 exhibits the simulated gm change of the n-transistors with and
without switch-on delay. gmna, gmnb, gmpa, gmpb are transconductance for the n-
and p-sensing transistors Mna, Mnb, Mpa, Mpb in Fig. 3.8, respectively. When
both n- and p-sensing transistors are triggered on simultaneously (td = 0), with
the initial bitline voltage VBL < VBLb, gmnb increases gradually while gmna drops
until one transistor steps into the cutoff region and the other into the linear
region. In case the p-sensing transistors are delayed for 400ps, the common mode
voltages on both sensing nodes tend to drop due to the on-current of n-sensing
transistors. As a consequence, gmna, gmnb of the n-sensing transistors drop until
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Fig. 3.12: Sum of transconductance of n- and p-sensing transistors on each
side of a CMOS latched sense amplifier

the p-sensing transistors are turned on as shown in Fig. 3.11. At the beginning,
gm of the p-sensing transistors are zero because of the 400ps delay. As soon as
the p-sensing transistors are switched on, gm of n- and p-transistors jump higher
and the sensing speeds up. Fig. 3.12 gives the total transconductance of n- and
p-sensing transistors, i.e., gma = gmna + gmpa and gmb = gmnb + gmpb. Obviously,
without the switch delay gma, gmb are significantly larger compared to the case
with delay, and therefore the sensing speed is faster. As a conclusion, to speed
up a sensing process for a CMOS latched sense amplifier, both n- and p-sensing
transistors should be triggered within the achievable minimum delay.
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Fig. 3.13: gm of a CMOS latched sense amplifier with 1× and 4× width of
tail switches

Now let’s take the impact of the on-resistance of the tail switches into consid-
eration. Since they are designed in very small size to save area, their on-resistances
are usually considerably large. This leads to the saturation of currents through
the sensing transistors and gm reduction as can be seen in Fig. 3.13. Here, only
gm of n-sensing transistors are exhibited. When the width to length ratio of the
tail switch is scaled by a factor of four, gm of n-sensing transistors will be scaled
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Fig. 3.14: Sensing transistor on transconductance gon,s and tail switch-on
transconductance gon,t of a CMOS latched sense amplifier with 1× and 4×
width of tail switches

correspondingly by a factor of 1.5 because of the square-root relationship be-
tween transconductance and transistor bias current. Both n- and p-sensing pairs
are identical here in either simulation.

In addition, the overall sensing delay is actually not only determined by
gm of the sensing transistors in saturation, but also Ron of the tail transistors.
When the sensing transistors enter linear region, the remaining time to charge
the bitlines is determined by (Ron,t + Ron,s)Cbl, where Ron,t, Ron,s are the on-
resistances of tail and sensing transistors in linear region. Fig. 3.14 demonstrates
the resistance change of tail switches and sensing transistors with different tail
transistor widths. For convenience, transconductance is plotted with gon = 1/Ron.
As depicted, the sensing speed is severely degraded for the group with 1× tail
switches. To minimize this effect, Ron of the tail switches must be several times
smaller than the on-resistance of the sensing transistors in linear region.

In summary, tail switches of CMOS latched sense amplifiers have great im-
pact on post-sensing speed and need to be carefully designed. To optimize the
sensing speed of CMOS sense amplifiers, the delay between n- and p-sensing tran-
sistors should be close to 0 and Ron of the tail transistors should be well below
one tenth of the on-resistance of the sensing transistors working in linear region.

3.3.3 Offset caused by imbalanced load capacitance

In the previous analysis the load capacitances of the true and complementary
bitlines in Fig. 3.8 are considered to be identical. However in general, this is not
true. First of all, the bitline capacitance is a voltage dependent component, chang-
ing accordingly with true and complementary bitline voltages [21]; Furthermore,
in recent DRAM designs dummy reference cells are removed to save area, and
therefore the difference between the true and complementary bitline capacitive
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loads originating from the cell capacitor becomes significant.
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Va Vb

C C + ∆C

Mna Mnb

Va Vb

Vos,n

(a) (b)

Fig. 3.15: The effect of imbalanced load capacitance (a) is equivalent to an
input offset as in (b).

First consider an n-latch pair as shown in Fig. 3.15(a). When the latch is
enabled, the currents through the load capacitances are

Ia = Ca
dVa

dt
= Ids,mna , and Ib = Cb

dVb

dt
= Ids,mnb (3.17)

Here Ids,mna, Ids,mnb are currents of the saturated sensing transistors since |Va −
Vb| < Vthn. If Ca = Cb and initial Va = Vb, the circuit is completely symmetric
and the voltages on both nodes change synchronously, i.e., dVa/dt = dVb/dt.
However, once Ca 6= Cb, the voltage changing speed of the two output nodes
will be different and the ground potential is inclined to appear on the node with
smaller capacitance. In order to calibrate the capacitive imbalance, the voltage
changes of either node should be identical, or

dVa

dt
=

dVb

dt
(3.18)

From Eqn. (3.17) the following condition has to be met

Ids,mna

Ca
=

Ids,mnb

Cb
(3.19)

Since the transistors are in saturation, Ids,sat ∝ (Vgs−Vthn)2. By replacing Ids,mna,
Ids,mnb in Eqn. (3.19), the initial voltage difference Va − Vb gives an offset

Vos,n =

√
Ca −

√
Cb√

Ca

· (Veq − Vthn)

= (

√

1 +
∆C

C
− 1) · (Veq − Vthn)

≈ ∆C

2C
(Veq − Vthn), when C � ∆C (3.20)
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Eqn. (3.20) suggests the imbalanced load capacitance can be equivalent to an
input offset voltage Vos,n that is applied to one input terminal of an n-latch
sensing pair as shown in Fig. 3.15(b). With Vos,n the two output node voltages
will drop in the same speed. Since Vos,n rises with the increase of the capacitance
difference ∆C and equalization voltage Veq, high-level sensing is more sensitive
to load capacitance imbalance.

By the same means, the imbalanced load capacitance induced input offset
in a p-latch pair can be obtained. Interestingly, it has the opposite polarity to
n-latch pair

Vos,p = −
√

Ca −
√

Cb√
Ca

· (Vdd − Veq − Vthp)

= −(

√

1 +
∆C

C
− 1) · (Vdd − Veq − Vthp)

≈ −∆C

2C
(Vdd − Veq − Vthp), when C � ∆C (3.21)

As a consequence, when a CMOS latched sense amplifier is used and both n-
and p-latch pairs are triggered simultaneously, the effective input offset voltage
Vos becomes the supposition of both offsets from n- and p-latch

Vos = Vos,n + Vos,p (3.22)

Thus Vos can be eliminated with Veq = Vdd/2 and Vthn ≈ |Vthp|. While it is dif-
ficult to equal threshold voltages of n- and p-transistors, the offset introduced
by the imbalanced load capacitances can be minimized by proper device engi-
neering. Therefore, simultaneously latched CMOS sense amplifiers with mid-level
sensing provide not only speed advantage but also immunity against asymmetric
capacitive loads.

3.3.4 Array power consumption and power efficiency

Array power consumption is an extremely important issue in DRAM design since
it dominates the overall chip power budget. Ideally, from Section 3.2 the low-
and mid-level sensing consume zero power during equalization and pre-sensing
because there is no extra charge required from the supply while the high-level
sensing consumes power only during the equalization to charge half the number
of bitlines to Vdd. During post-sensing phase the low-level sensing needs to pull
half the number of bitlines in the array from ground potential to Vdd, whereas
the mid-level will raise them only from Vdd/2 to Vdd. As a result, mid-level needs
less power compared to the high- or low-level sensing. As the energy consumed is

E = Vdd ·
∫ ∆t

0

I(t) · dt = Vdd · ∆Q, (3.23)
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where ∆Q is the charge used to raise bitline voltage, ideally the total power
consumption can be estimated as

E = Vdd · Carray∆V (3.24)

where Carray is the total sum of the array capacitances being charged. The power
consumption for low-, mid- and high-level are obtained from Eqn. (3.24) as shown
in Table 3.2. Here, Carray = mn · (C ′

bl +C ′

bl2wl +λC ′

bl2bl) where λ is obtained from

Table 3.2: Energy consumption for low-, mid- and high-level sensing
Sensing scheme Low-level Mid-level High-level

Energy consumption V 2
ddCarray

V 2
ddCarray

2
V 2

ddCarray

Table 3.1 for different data patterns and array structures. m is the number of
bitline pairs per array. Obviously, in order to reduce power consumption for mid-
level sensing, Cbl2bl should be as small as possible. This is in accordance with the
sensing speed conclusion from the previous section.

In fact, besides the current required to charge the bitline capacitances, cur-
rent is also consumed elsewhere by the array devices during sensing. As one of
the current consumers, the sense amplifiers themselves introduce parasitic ca-
pacitances to the sensing nodes that need to be charged or discharged, and in
addition, a direct current path from Vdd to ground exists when CMOS sense am-
plifiers are fully switched on. Therefore, the power usage efficiency becomes lower
and the total power consumption is

Ptot = Psa + Parray (3.25)

where Parray is the power consumed on array capacitances such as Cbl, Cbl2bl,
Cbl2wl and Psa is the additional power required for sense amplifiers. The power
usage efficiency of a CMOS sense amplifier can be expressed as

η =
Qarray

Qarray + Qsa

(3.26)

where Qarray, Qsa are the charge transferred from supply to array and to sense
amplifiers, respectively.

Next, the power usage efficiency will be estimated from a sensing process in
Fig. 3.8(a) with the initial bitline voltage VBL < VBLb ≈ Vdd/2 and a CMOS
latched sense amplifier. Ideally, if the sense amplifier wastes no current, Mnb,
Mpa should be off at the very beginning and Mna, Mpb are fully on to discharge
or charge the bitlines. Unfortunately, since it takes time to charge or discharge
bitlines from Vdd/2, transistors Mnb, Mpa work for a while, forming a direct short
current path from Vdd to ground, which results in a charge loss as implied in
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Fig. 3.16: The currents of the sensing transistors Mna, Mnb, Mpa and Mpb in
a simultaneous sensing process with mid-level sensing scheme. The wasted
charge is contributed by both Mnb and Mpa.

Fig. 3.16. From Fig. 3.9 these two transistors will be turned off when the bitline
voltage VBL < Vthn and VBLb > Vdd − |Vthp|. By integrating the current through
these two transistors over their on-time, the charge Qsa wasted by the sense
amplifier can be estimated.

Qsa =

∫ ton

0

(|Impa| + |Imnb|)dt (3.27)

Where Impa, Imnb are the currents through transistors Mpa, Mnb and ton is the
time period when both of the two transistors are on. Since the two transistors
enter into cutoff directly from saturation, the currents follow the equation

Ids,sat =
1

2
K

W

L
(Vgs − Vth)

2 < gm(Vgs − Vth) (3.28)

where gm is transconductance of sensing transistors under initial condition. Fur-
thermore, the node voltages VBL and VBLb are known for latch circuits from
Eqn. (3.13)

VBL − VBLb = Vsigne
gm
Cbl

t
(3.29)

where gm = gmna +gmpb is the sum of both n- and p-transconductance. ton of Mpa

and Mnb therefore gives

ton =
Cbl

gm

ln
Vdd − Vthn − |Vthp|

Vsign

(3.30)

By taking ton and using small signal approximations, the charge wasted by Mnb,
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Fig. 3.17: The current waveforms of sensing transistors Mna, Mpa, Mnb, Mpb

with switch delay. Because Mnb is almost cutoff before p-sensing transistors
are switched on, the major wasted charge is contributed by Mpa as shown
here.

Mpa gives

Qsa =

∫ ton

0

(Imnb + Impa)dt

<

∫ ton

0

[gmnb(Vb − Vthn) + gmpa(Vdd − Va − |Vthp|)]dt

<

∫ ton

0

[gmnb(Vb − Vthn + Vdd − Va − |Vthp|)]dt, suppose gmnb > gmpa

=
gmnb

gmna + gmpb
Cbl(Vdd − Vthn − |Vthp|)(ln

Vdd − Vthn − |Vthp|
Vsign

− 1) (3.31)

In mid-level sensing since the bitline voltage is raised from Veq = Vdd/2 to Vdd,
Qarray approximates CblVdd/2 and the power usage efficiency of the CMOS latched
sense amplifier gives

η =
Qarray

Qarray + Qsa
>

1

1 +
2gmnb(Vdd − Vthn − |Vthp|)

(gmna + gmpb)Vdd
[ln

Vdd − Vthn − |Vthp|
Vsign

− 1]

(3.32)

Noticeably, the outcome from Eqn. (3.32) only provides a lower boundary for the
power usage efficiency. It is exaggerated and usually worse than the real value.

Example

By Eqn. (3.32), in a typical DRAM design with Vdd = 1.2V, Vsign = 100mV, Vthn ≈
|Vthp| = 0.3V, gmnb = gmna = 3gmpa = 3gmpb, η is greater than 62.7%.
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Eqn. (3.32) suggests that η has no dependency on the size of n- or p-sensing
transistors as long as gmn/gmp remains constant. But actually, as the size of
the sensing devices grows, their parasitic capacitances Cgd, Cdb will show more
significant impact on total power consumption. As a consequence, η usually drops
as devices are enlarged. The SPICE simulation in Fig. 3.18 demonstrates this
trend: the increase of sensing transistor width results in larger transconductance
gmn and gmp, and therefore smaller sensing delay as indicated from Eqn. (3.13).
However, the power usage efficiency drops a little from 73% to 72% due to the
increase of sense amplifier related parasitic capacitances.
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Fig. 3.18: Power usage efficiency and sensing delay vs. sizing factor of sensing
transistors for a CMOS latched sense amplifier in a mid-level sensing (the
horizontal axis is a multiplication factor applied to both width and length
of n- and p-sensing transistors).

As can be seen from the SPICE simulations, in Fig. 3.17 when p-sensing
transistors are delayed the power usage efficiency will be higher because the n-
latch pair will lower the common mode voltage in the beginning, making Mnb

much easier enter its cutoff region when p-sensing transistors are turned on. The
simulation changes for simultaneously switching as shown in Fig. 3.16 since the
charge wasted by the transistors Mpa and Mnb is increased. However, when p-
sensing transistors are switched on prior to n-sensing transistors, power usage
efficiency drops again.

Though simultaneously latched CMOS sense amplifier may waste some power
compared to p-sensing transistors delayed sensing, it is still advantageous and
favorable because of their higher sensing speed and imbalanced capacitive load
immunity. Furthermore, later in Chapter 4 it will be shown that simultaneously
latched CMOS sense amplifier can also provide higher yield in comparison with
n- or p-latch sense amplifiers in high- or low-level sensing scheme.
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3.3.5 Sensing transistors leakage control

In a low supply voltage environment the choice of the threshold voltages of sensing
transistors is mainly driven by the post-sensing speed considerations. In order to
fulfill the speed requirement low threshold voltage devices are necessary. On the
contrary, with such low threshold voltage devices the off-current will be more
significant because of the leakage in sub-threshold region [46, 47].

The leakage of sensing transistors is particularly harmful during equalization
and pre-sensing. The phenomenon is shown in Fig. 3.19(a) (For simplicity only
a n-sensing pair is drawn here). In equalization, a pair of bitlines is equalized to
a common voltage Veq and in order to provide enough post-sensing speed, Veq is
required to stay at a fixed voltage level. However, when leakage appears through
the sensing and tail transistors, Veq becomes difficult to maintain - the bitline
voltage will drop or rise to an uncertain voltage level, making the post-sensing
speed unpredictable. In addition, the sub-threshold leakage introduces additional
power consumption that tends to cause a design to fail to meet specifications.
During pre-sensing the effect of the leakage is subtle. Because the sub-threshold
leakage relies on several parameters such as Vth, Vgs and Vds, its impact on devel-
oped voltage difference is difficult to foresee. As a consequence, the best solution
is to prevent the sensing transistors from generating large leakage currents in
cutoff state.

The sub-threshold leakage is expressed as

Isub = I0(exp
Vgs − Vth

ξVT
)(1 − exp

−Vds

VT
) (3.33)

where VT = kT/q and ξ is one plus a ratio defined by the gate oxide and channel
depletion capacitances. When the source drain voltage Vds exceeds a few VT , Isub

becomes nearly constant and independent of Vds. The slope of Isub at this time
gives

d[log10(Isub/I0)]

d(Vgs − Vth)
= (log10e)

1

ξVT

=
1

S
, where S = 2.3VT ξ (V/dec) (3.34)

Eqn. (3.34) reveals the relationship between on-current and off-current of a tran-
sistor. For example, when S = 100mV/dec, a change of 100mV in Vth leads to
a ten-fold reduction in off-current Isub. When the on-current is defined as the
current at Vgs − Vth = 0, it will be 10Vth/S times larger than off-current.

Example

When the pre-charge voltage is 0.6V and Cbl =40fF, to charge/discharge the bit-

lines to 1.2/0V in 10ns the minimum leakage current is Cbl∆V/t = 2.4µA. Sup-

pose Vth = 200mV, the corresponding on-current is 200µA and sub-threshold slope

S = 100mV/dec. From Eqn. (3.34) the off-current is around 2µA, which is very close
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to the 2.4µA minimum leakage limit.

Vbulk

Ileak

Veq
(a) (b) (c)

Fig. 3.19: (a) Leakage path during equalization and pre-sensing (b) Bulk
control technique (c) Leakage reduction transistor

In earlier ultra low power low voltage DRAM circuits such as for battery op-
erated products, bulk control of the sensing transistors was popular [48, 49, 50]
since it can adjust both leakage and post-sensing speed as shown in Fig. 3.19(b).
With the continuously dropping of supply voltage, this technique becomes popu-
lar again in current DRAM products. The leakage prevention and sensing speed
enhancement are accomplished by raising or lowering the threshold voltage of the
sensing transistors depending on the desired operation. However, when the array
size becomes larger and the bulk parasitic resistance and capacitance increase
substantially, it becomes too difficult to be implemented. The larger bulk par-
asitics introduce significant delay for sense amplifiers far from the control node
and thus the method is not reliable. Besides that additional power is required to
drive the capacitive bulk plate and layout effort is also a concern.

The circuit in Fig. 3.19(c) is more favorable. Another transistor is placed in
parallel to the enable transistor, so that the source node of the sensing transistors
will be clamped to Veq when they are disabled. As the sub-threshold leakage can
be almost neglected when Vds of the sensing transistors are below 100mV [47], it
has little impact on the bitline voltage.

3.3.6 Transistor sizing and layout

Unlike traditional analog circuits, DRAM sense amplifiers are strictly limited by
the area they can occupy. Since in folded bitline arrays the sense amplifiers can
be shared from both left and right sides as shown in Fig. 3.5, each sense ampli-
fier must be accommodated in a vertical space of four 8F 2 cells. For open bitline
arrays the area limitation becomes even more severe because the double number
of sense amplifiers needs to be accommodated. As a result, sense amplifiers that
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occupy too much area are not applicable to DRAM and the channel length of the
sensing transistors must be as short as possible. On the other side, the thresh-
old mismatch of these transistors is also important for yield. In order to cope
with large threshold variation caused by channel length fluctuation, the choice of
channel length is based on Fig. 3.20 - The region where dVth/dL approximates
zero is the optimum position, and its location can be controlled technologically
by adjusting doping concentration of the HALO region [51].
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Fig. 3.20: The threshold voltage Vth is a function of transistor channel length.

3.4 Charge Transfer Sense Amplifier

In the above discussions, voltage sensing is mainly concerned. It is evident that
DRAM sensing is based on detecting the quantity of electric charge in a cell. In
the voltage sensing scheme sense amplifiers have to wait for a certain period of
time, during which the bitline voltage difference Vsign can be established from the
released charge of the cell capacitor. As mentioned in Section 2.1, since the pre-
sensing process in the voltage sensing scheme is passive, the time to settle to Vsign

is largely dependent on cell series resistance, bitline resistance, cell capacitor and
bitline capacitance, which change greatly from technology to technology. On the
other hand, the post-sensing speed of a latched sense amplifier also relies on the
amplitude of the developed Vsign. If Vsign can be made larger during pre-sensing,
it is conceivable that post-sensing speed will be greatly improved. As discussed
in Section 1.4, charge transfer sense amplifiers are a sort of solution.

The first DRAM charge transfer sense amplifier is shown in Fig. 3.21 [52]. At
the first glance it seems like a normal voltage sense amplifier in NMOS technology
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Fig. 3.21: The first DRAM charge transfer sense amplifier in NMOS tech-
nology [52]

at first glance. The difference comes from the operation of the isolation transistors
Ma1, Ma2. Before wordline activation, EQ is on to equalize the bitlines. At the
same time, Vbias is applied to the gate of the isolation devices Ma1, Ma2. Assume
EQ is high enough to pre-charge the internal sensing nodes Va, Vb to Vdd. With
Vbias being lower than Vdd, both bitlines will be charged to around Vbias − Vthn

through Ma1, Ma2, where Vthn is the nominal threshold voltage of Ma1, Ma2.
Obviously, if Vdd−Vbias > Vthn, Ma1, Ma2 are biased on the edge of weak-inversion
[53].

When EQ is disabled and a wordline is switched on, the charge released from
the DRAM cell results in rise or drop of the bitline voltage. If the initial cell
voltage is near ground, the resulting bitline voltage drop will revive Ma1 or Ma2

from weak-inversion into saturation, transferring part of the charge trapped at
nodes Va or Vb to the bitline until the bitline voltage is raised to Vbias−Vthn again.
As capacitances at the internal sensing nodes Va, Vb are much smaller than the
total bitline capacitance, the reductions of charge at these nodes produce a rapid
local voltage drop.

As a result, a certain time after wordline activation the voltage difference
developed at the internal sensing nodes Va, Vb will be much larger than the
originally developed Vsign from voltage sensing. With the larger input amplitude,
a latch pair can react more quickly. In the end when post-sensing is completed,
Vbias needs to be raised to a much higher voltage so as to restore the cell voltage
to Vdd − Vth. Noticeably, when a cell stores a high voltage the bitline voltage
will become higher and this charge transfer scheme will not function. Additional
reference dummy cells are therefore needed to turn on the isolation transistor on
the complementary bitline.

Actually, the isolation transistors Ma1, Ma2 work as common gate amplifi-
cation stage during pre-sensing. This common gate configuration provides low
impedance 1/gm for the bitline, and therefore similar to current sensing - the
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bitline capacitance shows a minor effect on pre-sensing speed as mentioned in
Section 1.4. Suppose charge can be completely transferred from one internal
sensing node to the bitline. It will compensate the released charge from the cell
capacitor to maintain the bitline voltage. Consequently, by charge conservation
the voltage change at the internal sensing node is

∆V =
Cs

Csa

· (Vcell − Veq) (3.35)

where Veq, Vcell, Csa are the bitline equalization voltage, cell initial voltage and
sensing node capacitance, respectively. Eqn. (3.35) reveals the voltage margin at
the sensing node between ’1’ and ’0’ cells is

∆V1 − ∆V0 =
Cs

Csa
· (Vcell,1 − Vcell,0) (3.36)

As Csa is several times smaller than Cs, Eqn. (3.36) implies that the achievable
voltage margin in a charge transfer sense amplifier can be significantly larger than
Vsign from passive pre-sensing as long as Vdd is much higher than Vbias to keep
Ma1, Ma2 in saturation.
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Fig. 3.22: A CMOS DRAM charge transfer sense amplifier[54]

CMOS charge transfer sense amplifiers [55, 54] can further improve the circuit
performance. A CMOS charge transfer sense amplifier is shown in Fig. 3.22 [54].
Different from the NMOS design, it incorporates another set of equalization and
pre-charge switches for bitlines pairs. When the circuit is equalized, the bitlines
and sensing nodes will be set to Vdd/2 (0.4V) and Vdd,h (1.6V), respectively. This
leaves a larger voltage headroom for the voltage developing at the sensing nodes
during pre-sensing. The isolation device bias voltage Vtg is close to 0.4V+Vthn,
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so that the isolation transistors can directly go into saturation when the bitline
voltage drops a little from 0.4V. The p-latch pair is placed on both sides while an
n-latch pair is shared in the middle. The n-latch pair is enabled first, amplifying
the voltage difference at the internal sensing node. Then the p-latch pair is used
to pull one of the bitlines to the 0.8V core supply. The reported sensing speed is
1.33× faster than conventional voltage sense amplifier.

According to Eqn. (3.35), a larger Cs/Csa ratio is favorable for a larger in-
ternal voltage signal. However, the available voltage headroom at the internal
sensing node limits this ratio to some degree because the maximum achievable
sensing node voltage change ∆V is determined by Vddh − Vdd/2−Vthn. This limi-
tation is alleviated by boosting the sensing node voltage [56, 57]. Like the bitline
boost technique in Fig. 3.3 in NMOS technology, a larger voltage headroom can
be obtained at the internal sensing nodes.

Though charge transfer sense amplifiers are a topic intensively discussed in
the past ten years, they are actually seldomly used for commercial DRAM prod-
ucts. The first consideration comes from the trade-off between area and yield.
The increased voltage difference at internal sensing nodes can alleviate the mis-
match consideration for the latch pair, which seems beneficial compared to voltage
sense amplifier design. However, this increased voltage difference results from the
saturated isolation devices that contribute threshold voltage mismatch as well.
Though theoretically, bitlines can be pre-charged to Vbias − Vth through the iso-
lation devices to cancel the threshold voltage variation as in the NMOS design,
this takes too much time and sacrifies the speed gained by the charge transfer
scheme. As a result, bitlines are equalized to a pre-defined voltage in the CMOS
charge transfer sense amplifier. In this scheme their mismatch has to be taken
into account. Since the isolation devices work as common gate amplifier during
pre-sensing, the input offset approximates their threshold voltage mismatch. The
voltage difference at the internal sensing nodes due to mismatch becomes

∆Vos =
Cbl

Csa
∆Vth (3.37)

When the mismatch is referred back to cell voltage by Eqn. (3.35), the corre-
sponding cell voltage loss is

∆Vcell,loss =
Cbl

Cs
∆Vth (3.38)

Compared to voltage sensing with a cell voltage loss Vcell,loss = (1 + Cbl/Cs)∆Vth

when Vos = ∆Vth, charge transfer is still advantageous. However, the important
issue is that with threshold voltage variation the internal sensing node pre-charge
voltage Vddh must be even higher to keep the isolation transistors well in satura-
tion after wordline activation. Besides that, the transconductance of the isolation
transistors is expected to be as large as possible so as to suppress bitline voltage
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fluctuations. All this imposes minimum area constraints on the isolation transis-
tors. To meet the demands the isolation devices will be at least the same size
as the sensing transistors in a voltage sense amplifier that can satisfy the yield
requirement.

Secondly, the isolation bias voltage Vtg is hard to define. With local well
technology that allows the source terminal to be connected to the bulk terminal
the threshold voltage of the isolation devices can be independent of the bitline
voltages but the area cost rises. If these devices are fabricated without local well,
due to substrate body-bias the threshold voltage becomes a function of bitline
voltage.

Thirdly, the capacitor ratio defined by the cell capacitor Cs and internal
sensing node capacitance Csa may vary in large range because of process variation
and voltage dependent characteristics of Csa.

Lastly, when the internal sensing nodes are pre-charged to a voltage that is
much higher than the cell refresh voltage, the reliability and leakage controllabil-
ity of the n-latch pair become even harder to implement. As a conclusion, though
charge transfer sense amplifiers are fast, they still lack of favorable balances be-
tween area, yield, speed and power consumption trade-offs.

3.5 Threshold Voltage Compensation Technique

The threshold voltage mismatch of sensing transistors is problematic in that
it deteriorates the effective voltage difference for sense amplifiers. In a typical
DRAM design with 100-200mV Vsign, Vos is under tight control within 10-20mV
so as to meet 4-5σ yield requirement. Since transistor threshold variation caused
by dopant fluctuation is determined by the gate area according to [58, 59, 60],
the continuously shrinking DRAM technology demands relatively larger sensing
transistors because: a). The tolerable mismatch equivalent sense amplifier input
offset Vos is expected to be even lower due to the increasing total number of bits
available on a single die and thus higher yield requirement; b). The decreasing
core supply voltage accompanied with technology shrinking reduces the available
Vsign. Therefore, the ratio of sense amplifier over array tends to rise instead of
going down as expected by downscaling. To better solve the problem, threshold
voltage mismatch compensation techniques becomes promising.

Threshold voltage mismatch compensation sense amplifier is first reported
in [61] as shown in Fig. 3.23. The basic idea is to self-bias the sensing transistors
during equalization, so that the sensing node voltage is locally threshold voltage
mismatch compensated. Here the control signals PRE, φ1, φ3 are on for the
first step where the sensing transistors are working in diode connection with
Vds = Vgs = Vthn +Vod. Vod is called over-drive voltage, determined by voltage VE.
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Consequently, the threshold voltage of each sensing transistor is memorized by
the parasitic capacitances at the drain node. With the voltage, both transistors
should have the same Ids independent of their threshold voltages.

Then the control signals PRE and φ1 are turned off and wordline is switched
on. When φ2 is enabled the bitline voltage change will be transferred to the
internal sensing node, since the bitline is AC coupled to the internal sensing node
by a large capacitor. When φ2 is on and φ1 and SAE are low there will be no
current through the sensing transistors. Clearly, at this point the gate voltage of
the sensing transistors is the sum of their drain voltage and AC coupled bitline
voltage. Eventually, φ3 goes low, separating the internal sensing nodes from the
large coupling capacitors and SAE enables the sensing transistors to amplify the
node voltage difference. By this method the threshold voltage mismatch of the
sensing transistors can be reduced to 2mV, which is more than ten times smaller
than the 30mV nominal value.
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Fig. 3.23: The first proposed threshold compensation sense amplifier in
NMOS technology

The disadvantage of the sense amplifier in Fig. 3.23 is also obvious. As
it comprises large AC coupling capacitors and more transistors, the area cost
is comparable to a normal sense amplifier that is designed with much larger
sensing transistors. Secondly, it incorporates complex control signals, degrading
the sensing speed significantly.

A novel mismatch compensated sense amplifier incorporating hierarchical
sensing stages is proposed in [62] as shown in Fig. 3.24. It is very compact due
to the hierarchical sensing style, in which part of the circuits can be shared by
local primary sense stages. However, in this design the cell refresh process is
separated from the sensing process and the local primary sense stages lose the
ability of latching sensing outcomes due to the fact that local transistors can not
form a latch circuit without the help of the global sense amplifier circuitry.
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Fig. 3.24: A hierarchical mismatch compensated DRAM sense amplifier

Table 3.3: Sensing schemes and techniques comparison

Technique Veq Speed Area Control effort Power Vos*
A Vdd or gnd high small lowest moderate large
B Vdd/2 high moderate low lowest moderate
C Vdd, Veq highest large high moderate moderate
D self-bias slowest largest highest highest smallest

A High/Low-level sensing
B Mid-level sensing with simultaneously latched CMOS sense amplifier
C Charge transfer sense amplifier
D Threshold mismatch compensated sense amplifier
* Obtained with identical sensing transistors

Other mismatch compensated sense amplifiers have been published as well
[63, 64]. However, in general they are not area efficient and more efforts are
required in timing control. As a conclusion, the threshold voltage compensation
technique is not suitable for a normal DRAM sense amplifier as it sacrifies area,
sense amplifier functions, control simplicity and power consumption in return for
yield.

3.6 Summary

In this chapter different sense amplifiers, sensing schemes and techniques are re-
viewed. In particular, CMOS mid-level sensing is studied in its sensing speed and
power consumption. Table 3.3 lists the characteristics of each sensing technique.
In comparison, simultaneously latched CMOS sense amplifier with mid-level sens-
ing exhibits the best balances between area, yield, speed and power consumption,
and thus the yield analysis of CMOS latched sense amplifiers will be in the focuse
of Chapter 4.



Chapter 4

Sense Amplifier Yield Analysis

4.1 Circuit Yield Analysis

It is well known that in the real world there are no two identical things. Semi-
conductor devices can not be exceptions even if there are thousands of millions
of devices that are nominally designed to be identical. Device variability exists
everywhere due to random dopant fluctuations [65, 66], within a die or from die to
die [60]. These intrinsic dopant fluctuations manifest themselves through device
parameters such as threshold voltage Vth. The resulting mismatch can have sig-
nificant impacts on highly compact circuits like DRAM and SRAM in that yield
problems emerge once the on-die device population becomes enormous. As the
impact of variations continues to grow in future process generations, prediction
and estimation of the related yield degradation become crucial.

Worst case modeling can be utilized to avoid yield problems by taking ex-
treme device variations and worst environment into account. For example, in
Section 2.3 the necessary Vsign has been calculated from a worst case coupling
model with 50mV worst case threshold mismatch. It is usually sufficient to guar-
antee the necessary yield but it also results in the rise of production cost because
actually the worst case seldom happens and it is not necessary to prepare all
on-die devices and circuits for the battle. As a consequence, worst case modeling
is not suitable for a large number of repeated circuit structures like DRAM.

In this chapter, statistical circuit yield analysis will be introduced in an
analytical way. In spite of the availablility of computer aided yield analysis [67]
or test and measurement based yield analysis [68], the yield can only be analyzed
and estimated when it changes within a boundary coming from certain rules.
Analytical yield analysis is a way of looking for these hidden rules inside the
circuits. Due to these substantial rules variability can be handed down from
random variables to final yield specifications. For example, the threshold voltage
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Vth can be regarded as a random variable. The resulting inverter gate delay is
actually a function of Vth. By carefully modeling the function between Vth and the
propagation delay, the delay related yield performance can be obtained from the
probability evaluations. As implied, it is important to find the variation transfer
function so as to obtain the final specification related statistical distributions and
performance. In most cases linear modeling of variation transfer is valid due to
the fact that any non-linear function can be assumed to be linear within very
small region where the crucial pass/fail is decided. With the aid of the functions
that can be obtained from circuit analysis in the small linear region, yield can be
predicted and its related trade-offs can be optimized.

4.1.1 Variation transfer

One of the observed phenomenon is the Gaussian distributed parameters such
as measured clock timing jitter or amplifier output noise. It results from Central

Limit Theorem [69], which states that the sum of multiple independent random
variables follows Gaussian distribution1. Actually, Central Limit Theorem has
been used for a very long time in classical noise analysis of analog circuits [71, 53],
in which different noise sources are supposed to have zero mean value and constant
variance. The total output noise variance of an analog block is the total sum of
variances of different noise sources. According to probability theory, this addition
is valid only by assuming all noise sources are following independent Gaussian
distributions, though this is sometimes not directly explained in text books.

When random variables following Gaussian distributions are combined in a
linear system with function f(x, y, z . . .) = c1x + c2y + c3z + . . ., the output will
also follow Gaussian distribution with

{
µ = c1µx + c2µy + c3µz + . . .
σ2 = c2

1σ
2
x + c2

2σ
2
y + c2

3σ
2
z + . . .

(4.1)

Consequently, statistical performances in a linear system with Gaussian random
variables are easy to be analyzed. When the path the random variables passing
through is nonlinear, things become a little complicated because complex con-
volutions have to be involved in obtaining the statistical characteristic of the
output. However, some linear approximations can be used as described in the
following example.

By measuring the contact resistance between metal layers M1 and M2, it is
found that the resistance from a unit via as shown in Fig. 4.1 follows a Gaussian
distribution with standard deviation σ and mean R0. What is the statistical

1Classical central limit theorem deals only with sum of independent statistical variables
with identical distribution while extension of central limit theorem includes sum of independent
statistical variables with different distribution but Lindeberg Condition [70] has to be followed.
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characteristic of the contact resistance between M1 and M2 if two unit vias are
put together in parallel as shown in the figure?

M1

M2
M2

M1

Fig. 4.1: Left, unit via between M1, M2; Right, unit vias in parallel between
M1, M2

Suppose the on-resistance of the two vias in parallel are R1 and R2, respec-
tively. When fringe effects are neglected, R1 and R2 will follow the same statistical
distribution as measured for a unit via resistance. Since this time the resistance
between the two metal layers is R = R1||R2, the expectation for R is

R =
R1R2

R1 + R2
=

R0

2
(4.2)

Obviously, from Eqn. (4.2) the resistance R between M1 and M2 does not
follow a linear function of R1, R2. To obtain the variance of R, some fundamental
approximations have to be applied. From Taylor Series, it is known that any
function f(x + ∆) can be written as

f(x + ∆) = f(x) + f ′(x)∆ +
f ′′

2
(∆)2 + . . . (4.3)

If the high order terms are much smaller than the zero and first order terms, the
above equation can be approximately transformed to

∆f(x) = f(x + ∆) − f(x) = f ′(x) · ∆ (4.4)

When ∆ is sufficiently small, f ′(x) can be regarded as a constant. ∆f(x) will
exhibit the same distribution as variable ∆ with variance

σ2
∆f(x) = [f ′(x)]2 · σ2

∆ (4.5)

In the above evaluations, the magnitude of higher than second order terms in
Eqn. (4.3) are assumed to be small and can be neglected, or

|f(x) + f ′(x)∆| >> |Σ∞

n=2

fn(x)

n!
· ∆n| (4.6)

Fortunately, Eqn. (4.6) is valid in most cases except for some functions like the
exponential function. For two random variables Eqn. (4.4) can be expanded, re-
sulting in

∆f(x, y) ≈ f ′

x(x, y)∆x + f ′

y(x, y)∆y (4.7)
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Fig. 4.2: MC simulated histogram of R and R1

Suppose ∆x and ∆y follow independent Gaussian distributions. In analogy with
Eqn. (4.5), the variance of ∆f(x, y) can be obtained

σ2
∆f(x,y) ≈ [f ′

x(x, y)]2 · σ2
∆x + [f ′

y(x, y)]2 · σ2
∆y (4.8)

In addition, as ∆f(x) = f(x1) − f(x2) is a linear combination of function f(x),
the ∆ sign in Eqn. (4.5) and Eqn. (4.8) can be eliminated, giving

σ2
f(x,y) ≈ [f ′

x(x, y)]2 · σ2
x + [f ′

y(x, y)]2 · σ2
y (4.9)

Eqn. (4.9) implies the resulted distribution will be Gaussian with variance being
a weighted combination of variance from both random variables. By Eqn. (4.2)
the distribution of resistance R in the above example approximates to a Gaussian
distribution with variance

σ2
R =

R4
2

(R1 + R2)4
· σ2

R1 +
R4

1

(R1 + R2)4
· σ2

R2 =
1

8
σ2 (4.10)

The two vias in parallel reduce the resistance in its mean value to one half and
its variance to one eighth. By this means the connection between M1 and M2

becomes more robust due to its narrower distribution. Fig. 4.2 plots the his-
tograms of R and R1,R2 obtained from Monte-Carlo (MC) simulations. The sim-
ulation outcomes confirm that with standard deviation of R1, R2 of 30Ω, the
standard deviation σR is 10.6Ω, which agrees well with theoretical calculations
from Eqn. (4.10).

In most cases, when Gaussian approximations exist for random variables,
Eqn. (4.9) is valid. However, there are also cases that the simple equations can
not be used and more complex methods have to be applied to obtain the system
related statistical performance. One such example in DRAM core circuits is the
cell leakage current, which will be addressed in Chapter 5.
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µ 0

F= P{x > X} = 1

2
· P{|x − µ| > X} = 1

2
[1 − erf(X−µ

√

2σ
)]

X − µµ X2µ − X µ − XX

Area=erf(X−µ
√

2σ
)

Fig. 4.3: Process to calculate failure probability from a Gaussian distribu-
tion.

4.1.2 Analytical yield expression

The current flowing through the contact resistance generates heat. This may
cause a contact malfunction when the current is too large by melting down the
via material. Therefore, certain specifications demands the contact resistance to
be less than XΩ. Suppose the contact resistance follows a Gaussian distribution.
Yield Y can be easily obtained from the distribution in Fig. 4.3

Y = 1 − F

= 1 − 1

σ
√

2π

∫
∞

X

e−
(x−µ)2

2σ2 dx (4.11)

Since the Error Function is defined as

erf(x) =
2

π

∫ x

0

e−t2dt (4.12)

Eqn. (4.11) can be simplified by using the error function and the yield Y becomes

Y = 1 − 1

2
[1 − erf(

X − µ√
2σ

)] =
1

2
[1 + erf(

X − µ√
2σ

)] (4.13)

Eqn. (4.13) implies that the ratio (X − µ)/σ is the most important item in
a statistical design with Gaussian approximations - the yield remains constant
when both numerator and denominator in Eqn. (4.13) are increased or reduced
but their ratio maintains.

In typical design, X is known as failure boundary. In order to avoid failures,
worst case corners are used to obtain the design goal µ that is placed far enough
from X. In the above via example if the contact resistance is expected to be less
than 50Ω, technology corner simulations can be carried out to verify whether
the via resistances from different corners, are smaller than 50Ω. However, this
ignores the statistical factor that the via resistance is in fact a random variable
with fluctuations. It may happen that in a worst corner the via resistance spreads
narrowly but in best corner widely. In other words, if µ in Fig. 4.3 moves to the
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Fig. 4.4: Error function and yield function in Eqn. (4.13).
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Fig. 4.5: Major random sources in DRAM core

left or right, the yield will not surely go higher or drop lower as one has expected,
since it can only be determined by the ratio (X − µ)/σ as shown in Fig. 4.4.
This ratio is quite similar to the Signal to Noise Ratio (SNR) in the Analog to
Digital Converter (ADC) or Digital to Analog Converter (DAC) in that the noise
is actually also regarded as one statistical component. Both ratios express the
ability of a circuit/system to survive the real random and stochastic world.

4.2 Random Error Sources in DRAM

There are lots of different random error sources affecting the final electrical yield
of DRAM core circuits as shown in Fig. 4.5. Before pre-sensing, cell leakage
will reduce the core supply dependent charge quantity in cell capacitors. During
the pre-sensing the on-resistance of the cell transistor will degrade the bitline
voltage settling speed to a certain degree. For a fixed pre-sensing timing window,
conversely the on-resistance will reduce the available developed voltage difference
Vsign. Then the mismatch of sense amplifiers comes into play - it is added to Vsign

and results in a more stochastic situation for post-sensing, in which inter-bitline



4.3. Latched Sense Amplifier Yield Analysis 81

coupling may deteriorate the situation by turning weak sensings into failures.

As these random variables interact with each other, the final outcome be-
comes uncertain for each sense amplifier. However, for a large number of sense
amplifiers in a linearized sensing model the yield probability becomes nearly de-
terministic and can be estimated to a certain degree.

In this chapter, as the first step the threshold mismatch inside sense am-
plifiers will be modeled as an input offset Vos with Gaussian distribution. Based
on the simplified input offset model and accurate array transfer functions in
Chapter 2, cell leakage introduced yield degradation will be analyzed in Chapter 5,
and in Chapter 6 a linear hierachical yield model is developed to analyze and op-
timize yield-area, yield-core supply voltage trade-offs for DRAM core arrays.

4.3 Latched Sense Amplifier Yield Analysis

4.3.1 Introduction

With deep sub-micrometer feature size the threshold mismatch2 of sensing tran-
sistors in latched sense amplifiers becomes a crucial parameter concerning the
electrical yield of DRAMs, and a deep understanding of the statistical character-
istics of the threshold mismatch caused error probability of latched CMOS sense
amplifiers is mandatory.

In an earlier publication [72], a complex numerical method is used to an-
alyze the mismatch related sensitivity of CMOS latches. In [73], the mismatch
is analyzed by using a set of differential equations. The state space concept is
used in [74] to determine the final state of mismatched CMOS latches. However,
these approaches are all based on numerical methods and are thus not suitable to
provide an analytical guideline for practical optimization of latched CMOS sense
amplifiers.

In this section, the mismatch of latched CMOS sense amplifiers is investigated
by using small signal analysis and statistical probability theories. It is replaced
by an offset voltage Vos with Gaussian distribution. Sense amplifier yield can be
obtained and optimized by minimizing the spread of Vos.

4.3.2 Mismatch Equivalent offset Vos

DRAM sense amplifiers use devices with relatively short channel lengths to fit
into the bitline pitch and save die cost. The yield of sense amplifiers is determined
by mismatch of the sensing transistors. As the achievable Vsign from pre-sensing

2For simplicity, threshold mismatch is abbreviated to mismatch in this section.
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Fig. 4.6: (a) A CMOS latched sense amplifier (b),(c) Various differential
output waveforms of the sense amplifier with initial voltage va − vb > 0.
When va − vb crosses the zero line, the sensing fails as shown in (c).

gets smaller with the continuously decreasing of supply voltage, understanding of
the mismatch effects in DRAM sense amplifiers becomes increasingly important.

Generally, latched sense amplifiers consist of a complementary pair of cross-
coupled n- and p-transistors as shown in Fig. 4.6(a). It has been suggested in
Section 3.3 that simultaneously latched CMOS sense amplifiers are rather insen-
sitive to capacitor imbalance between bitlines, and the switch-on time difference
of n- and p-pairs was shown to have impacts on post-sensing speed and power
usage efficiency.

Suppose va and vb in Fig. 4.6(a) have been equalized to Veq. When sensing
begins, the wordline is switched on to release cell charge and generate the neces-
sary Vsign for post-sensing. As NSET goes to high and PSET is dragged to low
simultaneously, the output voltage difference va − vb will rise monotonically as
shown in Fig. 4.6(b) due to the amplification of the sense amplifier. But some-
times the mismatch of the latched sense amplifier is rather large and the output
va − vb will continuously drop as shown in (c). As shown in Chapter 3, the si-
multaneously latched CMOS sense amplifiers with initial equalization voltage Veq

around Vdd/2 have the following characteristics at the moment the sense amplifier
is enabled: 1) the n- and p-sensing transistors are in saturation; 2) the transcon-
ductances of the sensing transistors can be treated as constants. According to
previous numerical studies [72, 73, 74], the final output state is only determined
by the initial states - the initial input voltage difference Vsign and the mismatch
of sensing transistors.
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Fig. 4.7: Process to obtain Vos: If the sense amplifier with mismatch and
input Vsign (a) produces the same failure probability plot as the circuit (b)
containing a mismatch free sense amplifier and an input statistical voltage
Vos, then Vos is capable of substituting the statistical mismatch inside the
sense amplifier. (c) shows the failure probability for a full swing sweep of
Vsign in (a) and (b).

Suppose a huge ensemble of DRAM sense amplifiers is fed with a given Vsign

as shown in Fig. 4.7(a). A failure is obtained when the polarity of the output
of the sense amplifier is different from the polarity of the given Vsign. The total
number of failures from all the sense amplifiers at the given Vsign can be sketched
into a failure count vs. Vsign plot as shown in Fig. 4.7(c). It is found that this
plot is always following the cumulative density function (CDF) of a Gaussian
distribution. Thus, presumably an input offset voltage Vos with Gaussian distri-
bution can be used to replace the mismatch inside sense amplifiers as depicted
in Fig. 4.7(b). In this case, the failure probability becomes easy to analyze: the
relationship between the distribution of Vos and the final failure count is simple
and deterministic, since the sense amplifier is now ideal. Vos with smaller vari-
ance results in a sharp transition in the failures versus Vsign curve and thus higher
yield at a given Vsign as shown in (c). The question is how to obtain the statistical
characteristic of Vos from the sense amplifiers containing both n- and p-transistor
mismatch.

The analysis of mismatch in a latched sense amplifier can be simplified by
studying only a pair of inverters by breaking the positive feedback loops in the
latch pair as shown in Fig. 4.8(a), since both have the same initial conditions
at all nodes. Suppose the mismatch of n- and p-sensing pairs are equal to ∆Vthn

and ∆Vthp. When Vsign is zero and the sensing transistors stay in saturation, the
small signal model shown in Fig. 4.8(b) can be introduced to obtain the current
difference through capacitor Cl at nodes va, vb when the sense amplifier is enabled

∆I1 = ia − ib = gmn · ∆Vthn + gmp · ∆Vthp (4.14)

Here, gmn, gmp are transconductance for n- and p-sensing transistors, respectively.
Since the DC bias currents and currents through the output resistance ro =
rdsn||rdsp for both branches are identical, they are eliminated in Eqn. (4.14) and
only small signal parameters are left.
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Fig. 4.8: (a) Translation of the initial condition of a latched sense amplifier
into the corresponding inverter pair without positive feedback loop. (b) The
small signal model to calculate the current difference flowing through the
load capacitors Cl.

Now suppose the sensing transistors are ideal without mismatch, but the
initial voltage difference Vsign changes from zero to Vos. In this case the current
difference gives

∆I2 = ia − ib = (gmn + gmp) · Vos (4.15)

Obviously when ∆I1 equals ∆I2, the two cases must have the same sensing out-
come. As a result,

Vos =
gmn

gmn + gmp

· ∆Vthn +
gmp

gmn + gmp

· ∆Vthp (4.16)

Because of the linear relationship between Vos and the mismatch values ∆Vthp,
∆Vthn in Eqn. (4.16), provided ∆Vthn and ∆Vthp are independent Gaussian dis-
tributed variables, Vos will also follow a Gaussian distribution [11] with

{
µvos = µ∆vthn · gmn/(gmn + gmp) + µ∆vthp · gmp/(gmn + gmp)
σ2

vos = σ2
∆vthn · [gmn/(gmn + gmp)]

2 + σ2
∆vthp · [gmp/(gmn + gmp)]

2 (4.17)

Eqn. (4.17) implies that the variance of Vos is independent of the polarities of
both ∆Vthn and ∆Vthp. Furthermore, since µ∆vthn and µ∆vthp are zero, µvos is
zero as well. As a consequence, Vos follows a Gaussian distribution with variance
being a weighted sum of the both threshold voltage variances of n- and p- sensing
transistors. The weighted variance results in a value that is smaller than the
minimum mismatch of n- and p-sensing pairs. Consequently, the simultaneously
latched sense amplifier provides a smaller variance than the n- or p-sensing pair
with the same transistor size.

σ2
vos,cmos < min[σ2

∆vthn, σ2
∆vthp] (4.18)

The outcome also suggests that with CMOS latched sense amplifiers the mid-level
sensing have better yield performance than high- or low-level sensing since in the
latter two schemes n- or p-sensing pair dominates the sensing process, resulting
in a σvos as large as σ∆vthn or σ∆vthp.
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4.3.3 Yield optimization for mid-level sensing

According to the inequality a2 + b2 ≥ 2ab (equality for a = b), the minimum σ2
vos

can be obtained from Eqn. (4.17) when

| gmn

gmn + gmp
· σ∆vthn| = | gmp

gmn + gmp
· σ∆vthp| (4.19)

For mid-level sensing Veq equals Vdd/2. The saturated sensing transistors in the
beginning of sensing gives

gmn ∝ µn · Wn/Ln · (Veq − Vthn)

gmp ∝ µp · Wp/Lp · (Vdd − Veq − |Vthp|) (4.20)

Since the threshold voltage mismatch is dominated by the doping concentration
fluctuation [59], the standard deviations of mismatch of n- and p-sensing pairs
are

σ∆vthn =
√

2An/
√

WnLn, σ∆vthp =
√

2Ap/
√

WpLp (4.21)

Here, An and Ap are constants describing the relationship between transistor’s
threshold voltage variance and its gate area; µn, µp are carrier mobilities of n- and
p-transistors;

√
2 in above equations comes from the difference function of the

transistor pair. When these equations are taken into Eqn. (4.19), the operating
point where the minimum variance of Vos is found gives

Veq,m =
Vdd − |Vthp + αVthn|

1 + α
(4.22)

α =
An · µn · Wn/Ln ·

√
WpLp

Ap · µp · Wp/Lp ·
√

WnLn

=
σ(Vthn)µnWn/Ln

σ(Vthp)µpWp/Lp

(4.23)

The corresponding minimum variance of Vos at Veq,m is

σ2
vos =

2σ2
∆vthnσ2

∆vthp

σ2
∆vthp + mσ2

∆vthn

, m =
Vdd − (2 + 1/α) · Vthn + 1/α · |Vthp|

Vdd − Vthn − |Vthp|
. (4.24)

It implies that when the widths and lengths of the sensing transistors are given,
there is one optimum equalization voltage. Conversely, if the equalization voltage
is fixed, width to length ratios of the sensing transistors can be optimized to
minimize σ2

vos. For mid-level sensing the initial voltage is around Vdd/2. To obtain
the smallest σ2

vos, from Eqn. (4.22)

α =
Vdd/2 − |Vthp|
Vdd/2 − Vthn

. (4.25)

With the α and Eqn. (4.23), dimensions for n- and p-sensing pairs can be opti-
mized to achieve highest yield for mid-level sensing.
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Fig. 4.9: (a) p-sensing pair delayed sensing process. (b) Corresponding linear
model for the sensing process in (a).

4.3.4 Switch delay induced yield degradation

Perfectly simultaneous latching is hard to achieve as n- and p-sensing pairs are
controlled by inverted enable signals as shown in Fig. 4.6(a). The delay ∆t be-
tween n- and p-enable signals results in an increase of σ2

vos.

Fig. 4.9(a) shows a p-sensing pair delayed sensing process. At first the sense
amplifier works only with n-sensing pair. After ∆t, the p-sensing pair is turned
on and the entire CMOS sensing is activated. Evidently, the sensing process can
be divided into two stages: the n-sensing stage and the CMOS sensing stage.
The initial input V ′

sign of the CMOS sensing stage comes from the outputs of the
n-sensing stage at t = ∆t. From t = 0 to ∆t, the n-sensing pair acts as a gain
block amplifying both Vsign and ∆Vthn. The sensing process can be regarded as
equivalent to cascade of two sense amplifiers, an n-sensing pair and a simultane-
ously latched CMOS sense amplifier, and each one runs for only a certain period
of time.

A linearized model to obtain Vos corresponding to the above described sensing
process is given in Fig. 4.9(b). K1, K2 represent amplification factors for Vsign and
∆Vthn respectively during the n-sensing process. They will be obtained later from
a small signal model. For the initial input Vsign assumed to be zero, the block
diagram can be simplified to the middle one in (b). The mismatch of sensing
transistors inside the CMOS sense amplifier can then be moved outside as shown
in the bottom diagram. When the input offset ∆Vthn of the n-sensing pair and V ′

os

of the CMOS sense amplifier are referred back to the signal transfer path with
gain K1, the top diagram is obtained. The equivalent input offset in the CMOS
sense amplifier with p-sensing pair delay gives

Vos =
1

K1
· [∆Vthn · (K2 +

gmn

gmn + gmp
) + ∆Vthp ·

gmp

gmn + gmp
] (4.26)

Since ∆Vthn and ∆Vthp follow independent Gaussian distributions, the variance
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CMOS sensing. When ∆t is quite large, σvos approaches σ∆vthn and σ∆vthp,
respectively.

of Vos of a p-sensing pair delayed sense amplifier is

σ2
vos = [

gmp

K1 · (gmp + gmn)
]2 · σ2

∆vthp + [
K2

K1
+

gmn

K1 · (gmn + gmp)
]2 · σ2

∆vthn (4.27)

K1, K2 are obtained by small signal analysis of an n-latch pair as shown in
Fig. 4.10(a). Suppose the initial voltage difference is Vsign = va(0)− vb(0) before
the n-sensing pair is enabled, where va and vb are small signal voltages of sensing
nodes. The differential equations describing these small signal circuits are

{
Cl · dvb/dt + vb/ro + (va + ∆Vthn/2) · gmn = 0
Cl · dva/dt + va/ro + (vb − ∆Vthn/2) · gmn = 0

(4.28)

By solving these equations, the output gives

V ′

sign(t) = va(t) − vb(t)

= ∆Vthn · A

A − 1
· (1 − e

A−1
τ

t) + [va(0) − vb(0)] · eA−1
τ

t

= ∆Vthn · K2(t) + Vsign · K1(t) (4.29)

As a result K1, K2 can be expressed as

K1(t) = e
A−1

τ
t, K2(t) =

A

A − 1
· (1 − e

A−1
τ

t) (4.30)

Here, τ = Cl · ro, A = gmn · ro � 1. K1, K2 at t = ∆t result from Eqn. (4.30):
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• ∆t = 0, K1 = 1, K2 = 0, corresponding to simultaneous CMOS sensing;

• ∆t increases, K2 = 1 − e
A−1

τ
∆t ≈ −e

A−1
τ

∆t = −K1;

• ∆t → ∞, K2 = −K1 → ∞, corresponding to n-sensing.

In general, ∆t is large enough, so that a simple gain K can be used to
replace K1, K2 in Eqn. (4.27). Since K is an exponential function of ∆t as shown
in Eqn. (4.30), log(K) becomes a linear function of ∆t. σvos versus K with a
logarithmic x axis in Fig. 4.10(b) suggests that as the gain K or ∆t increases,
σvos has the tendency to reach σ∆vthn or σ∆vthp for p- or n-sensing pair delayed
CMOS sensing. In the calculation the threshold mismatch of the n- and p-sensing
pairs are 13mV and 17mV, respectively.

In analogy with p-sensing pair delayed CMOS sensing in the above evalua-
tion, σ2

vos of a n-sensing pair delayed CMOS sensing can also be obtained as

σ2
vos = [

gmn

K1 · (gmp + gmn)
]2 · σ2

∆vthn + [
K2

K1
+

gmp

K1 · (gmn + gmp)
]2 · σ2

∆vthp (4.31)

These outcomes are also valid for a high- or low-level sensing as they can be
regarded as n- or p-sensing pair delayed CMOS sensing process. In high- or low-
level sensing the equivalent input offset Vos will be identical to ∆Vthn or ∆Vthp,
and thus they are inferior to mid-level sensing in yield performance.

4.3.5 Comparisons with SPICE simulations

Monte Carlo (MC) SPICE simulations are used to obtain the failure counts cor-
responding to a given Vsign. To make the simulation outcome comparable to
theoretical calculations, a simulated yield probability is obtained from these fail-
ure counts and transformed into variance by inverse error function as shown in
Eqn. (4.32) thanks to their known Gaussian property.

Y(Vsign) =
1

2
[1 + erf(

Vsign√
2σ

)], σ =
Vsign√

2erf−1(2Y − 1)
(4.32)

The simulation setup is shown in Fig. 4.11(a) with Vsign being swept from
−50mV to 50mV . To make it simple, the correct sensing output is supposed to
be logic ”0”. Theoretically without mismatch, Vsign < 0 gives 100% yield while
Vsign > 0 results in 0% yield. With mismatch, the total number of failures at
a given Vsign can be counted after each MC simulation and evidently the yield
will deviate from 100% or 0%. In (a), a delay block is inserted between the en-
able signals PSET and NSET for n- and p-sensing transistors, so that the switch
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Fig. 4.11: (a) Test circuit setup: ∆t is set to 0 for simultaneously latched
CMOS sensing, to negative for n-sensing pair delayed and positive for p-
sensing pair delayed sensing. (b) Simulated σvos vs. ∆t shows the same curve
and range as Fig. 4.10(b).

delay can be adjusted from negative to positive, in accordance to different sens-
ing processes: from p-sensing gradually to simultaneous CMOS sensing, finally
n-sensing. In the simulations Veq is set to half Vdd, corresponding to mid-level
sensing. The simulated σvos vs. ∆t is plotted in (b). It verifies the theoretical
calculations from Fig. 4.10(b): as the delay varies from negative to positive, σvos

drops from σ∆vthp (p-sensing) to minimum (simultaneously CMOS sensing), then
rises to σ∆vthn (n-sensing). It can also be noticed that when the switch delay
∆t is within ±1ns, σvos increases less than 10% from its minimum value. As a
result, the maximum ∆t should be kept within 1ns to maintain the yield benefit
of CMOS latched sense amplifiers in practical design.

Fig. 4.12(a) depicts the failure probability vs. Vsign with ∆t being set to
−5ns, 0 and 5ns, respectively. Due to smaller σvos in simultaneous CMOS sensing
its slope angle is much larger than other competitors. When ∆t is set to −5ns,
5ns corresponding to p- and n-sensing, σvos is found to be almost equal to σ∆vthn

and σ∆vthp, which are 13mV and 17mV in Fig. 4.11(b). σvos of the latched CMOS
sensing calculated by Eqn. (4.16) predicts a value of 10.8mV with 13mV σ∆vthn

and 17mV σ∆vthp, which is in very good agreement with simulations when ∆t is
zero.

Simulated σvos vs. equalization voltage Veq is shown in Fig. 4.12(b) together
with the calculated σvos obtained from Eqn. (4.16) and Eqn. (4.20). This time the
switch delay ∆t is set to zero. High or low Veq corresponds to high- or low-level
sensing. From the plot the minimum variance is found to occur around 0.55V,
which corresponds to the estimated Veq,m from Eqn. (4.22). The trends are evident
from the plot that when Veq shifts away from Veq,m, σvos will eventually approach
σ∆V thn or σ∆vthp. Slight deviations are found near the edges of the plot.
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Fig. 4.12: (a) Comparison of simulated failure probability vs. Vsign corre-
sponding to ∆t = −5ns, ∆t = 0ns and ∆t = 5ns. The inset provides the
failure probability near 99.9% for the three cases. (b) Calculated and simu-
lated σvos vs. Veq show good agreements in the region from 0.4 to 0.8V with
Vdd = 1.2V

4.3.6 Conclusion

The mismatch of CMOS sense amplifiers is modeled as a statistical voltage source
Vos in front of the sense amplifier. The delay between enable signals for n- and
p-sensing pairs is also analyzed by a linearized model. The results suggest that
simultaneously latched CMOS sense amplifiers have superior yield performance
in comparison with n- or p-latch pairs. Based on the mismatch equivalent input
offset model, more complex yield analysis of a DRAM sensing process with mul-
tiple random sources shall be carried out in following chapters. The input offset
model provides an effective and efficient way for yield optimization of DRAM
sensing schemes and sense amplifiers.

4.4 Summary

In this chapter, circuit yield is obtained in an analytical way based on the Central
Limit Theorem and Gaussian approximations. This method is quite useful for any
linearized circuits with Gaussian approximated statistical parameters. Different
random error sources in DRAM are also addressed but as the first step, the
yield of DRAM sense amplifiers has been carefully investigated by introducing
the input offset. Based on the approximations and the sense amplifier mismatch
model, a more practical and universal yield model for DRAMs will be set up in
the following chapters.



Chapter 5

Leakage Induced Yield
Degradation

5.1 Introduction

Leakage currents in DRAM cells are always investigated from the view of device
physics [75, 76] in order to prolong the charge retention time of DRAM cells.
However, the relationship between cell leakage and yield is seldomly addressed
due to the fact that until now there is no proper analytical yield model. With
the scaling of cell feature size down to tens of nanometers, the high electric
field accompanied tunneling leakage becomes more evident due to the tiny and
compact cell. These effects tightly limit the yield for high volume DRAM products
and raise the average cost per bit as a result of increasing redundancies.

In this chapter, a statistical analytical model including sense amplifier mis-
match and cell leakage for electric yield analysis of DRAM core circuits is for-
mulated. Different from traditional methods [68], the statistical model provides a
direct relationship between the statistical parameters and sensing yield (failures),
demonstrating a method of statistical DRAM core design in consideration of ran-
dom parameters. It can be further applied to optimizing DRAM core circuit con-
sidering area, yield trade-off and facilitate the design of the array redundancies.
The results from the model are compared to both Monte Carlo (MC) simulations
and silicon measurements, showing very good agreements.

5.2 Leakage in DRAM Array

Leakage sources in DRAM cells are usually investigated by means of measure-
ments [77, 78] and device simulations [75]. They are found to result from band

91
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to band tunneling effect and often vary accordingly with cell contents. For ex-
ample, sub-threshold leakage Isub and storage node junction to well leakage Ij

are storage node voltage dependent, therefore ’1’ and ’0’ cell states give rise to
different leakage currents. Noticeably, different leakage sources may exhibit dis-
tinct characteristics: The sub-threshold leakage Isub is worse for ’0’ cells while
the other leakage sources are significant for ’1’ cells; The junction to well leakage
Ij is highly sensitive to temperature variation; The gate induced drain leakage
(GIDL) is gate-drain voltage Vgd dependent. In general, when the contributions
of the leakage sources to failures are considered, the leakage components are used
to be put together

Ileak = Ij + Isub + IGIDL + I... (5.1)

An old rule of thumb in DRAM technology design claims that the average of Ileak

should be less than 1fA [16], which is six orders of magnitude smaller than high
performance logic MOSFET circuits. For nowadays giga-bits per chip design, this
rule becomes even more stringent.

5.3 Statistical Analysis of Leakage Effects

5.3.1 Sensing process with leakage

As soon as DRAM cells are loaded with ’0’s or ’1’s and isolated from active
sources, the leakage components begin to take effect with the elapse of time by
reducing the charge in cell capacitors. After time ∆t, storage node voltage will
drop from its initial value Vcell to

V ′

cell = Vcell −
Ileak∆t

Cs
(5.2)

Here, to simplify the analysis, all cells are supposed to be in ’1’ states and Ileak

is greater than zero. When they are accessed, the developed signal amplitudes
during pre-sensing give

Vsign = Kt · (Vcell − Veq −
Ileak∆t

Cs
) (5.3)

where Kt is transfer ratio, meaning the array’s ability of generating Vsign from
cell charge during pre-sensing as mentioned in Chapter 2. Additionally, from
Section 4.3 the mismatch of sensing transistors can be modeled as an input offset
voltage Vos with Gaussian distribution. As a result, when mismatch of sense
amplifiers is taken into consideration, the final effective voltage difference seen
by an ideal sense amplifier will be

V ′

sign = Kt · (Vcell − Veq −
Ileak∆t

Cs
) + Vos (5.4)
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Once V ′

sign shows different polarity from the initial Vcell −Veq at a given sampling
time ∆t, the sensing fails. Therefore, in traditional DRAM design Vos, Ileak are
made as small as possible, while a larger Kt is expected to minimize the impact of
Vos. However, with ultra small leakage currents of less than 1fA , 30fF cell capac-
itance and 20ms retention time, the maximum cell voltage loss is only 0.67mV.
Compared with over 400mV Vcell − Veq in the most advanced DRAM technology,
the leakage introduced voltage loss is still negligible. What on earth is the real
reason that the 1fA rule has to be followed up in every generation of DRAM
technology?

5.3.2 Yield plot without retention time

Suppose that Vcell − Veq barely fluctuates and the statistical variation of V ′

sign

comes only from Ileak and Vos. Eqn. (5.4) can be used to evaluate the distribution
of V ′

sign as follows. Clearly, in case of zero retention time, the leakage current will
have no effect on the developed signal amplitude V ′

sign. Since Vos follows Gaus-
sian distribution as obtained from Chapter 4, V ′

sign will also follow a Gaussian
distribution with mean µ equal to Kt(Vcell − Veq) and variance σ2

vos. Similar to
the yield calculation process in Section 4.1, the sensing yield probability for ’1’
state cells can be evaluated by using the error function as shown in Eqn. (4.12)
from Fig. 5.1.

Y = P{V ′

sign > 0} =
1

2
[1 + erf(

µ√
2σvos

)], (5.5)

and the inverse error function from Eqn. (5.5) gives

−erf−1(1 − 2Y) =
µ√

2σvos

=
Kt(Vcell − Veq)√

2σvos

. (5.6)

Eqn. (5.6) implies that in a erf−1(1 − 2F ) vs. Vcell plot a straight line will be
observed, if σvos, Kt and Veq are constants independent of Vcell. Similarly, the
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following yield equation can be obtained for the sensing yield of ’0’ cells. The
relationship between the failure probability F, erf−1(1 − 2F ) and corresponding
µ in a Gaussian distribution is shown in Table 5.1.

−erf−1(1 − 2Y) =
µ√

2σvos

=
Kt(Veq − Vcell)√

2σvos

. (5.7)

Table 5.1: The relationship between Failure probability F, erf−1(1−2F), and
corresponding µ of a normal distribution

F 15.87% 2.28% 134.99ppm 31.67ppm 286.65ppb 986.59ppt 1.28ppt
erf−1(1 − 2F) 0.707 1.414 2.121 2.828 3.536 4.243 4.950

µ 1σ 2σ 3σ 4σ 5σ 6σ 7σ

(ppm: parts per million; ppb: parts per billion; ppt: parts per trillion)

5.3.3 Yield degradation with retention time

Obviously in a realistic environment retention time should be taken into account.
When the retention time ∆t is greater than zero, the distributions of leakage
sources must be included. Due to the multiplication factor Kt∆t/Cs in Eqn. (5.4)
the leakage distribution is magnified and becomes more apparent with the in-
crease of ∆t. Here, sub-threshold leakage is taken as an example. First of all,
suppose mismatch of sense amplifiers are neglected and sub-threshold leakage is
the only random variability. Suppose cell transistors are n-type and follow the
sub-threshold equation from [46, 47]

Isub = I0(exp
Vgs − Vth

ξVT
)(1 − exp

−Vds

VT
) (5.8)

where Vds = Vcell − Veq, Vgs = Vwl − Vcell for ’0’ cells and Vgs = Vwl − Veq for
’1’ cells. ξ is a capacitor ratio determined by the capacitances of gate oxide and
depletion layer. VT is equal to kT/q, where k, T are Boltzmann constant and
absolute temperature, respectively. Obviously, in case Vcell − Veq is three to four
times more than VT , Isub is approximately independent of Vds

Isub,max = I0exp
Vgs − Vth

ξVT

, I0 = µCd
W

L
V 2

T (5.9)

Due to random dopant effects during fabrication, the threshold voltage Vth of
cell transistors follows a Gaussian distribution [65, 59]. From Eqn. (5.9) Isub is
an exponential function of Vth, and therefore Isub exhibits a Log-Normal [79]
distribution with long tail on the side of larger leakage current. The Vth to Isub

probability density function transformation is demonstrated in Fig. 5.2. When
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mismatch of sense amplifiers is neglected, from Eqn. (5.4) V ′

sign follows an up-
scaled distribution of Isub.

Suppose the initial cell voltage satisfies Vcell−Veq > 0 (’1’ state). By probabil-
ity algorithms, without sense amplifier mismatch the yield probability is known
to be

Y = P{V ′

sign > 0}
= P{Kt · (Vcell − Veq − Isub∆t/Cs) > 0}, (Kt > 0)

= P{Isub < (Vcell − Veq)Cs/∆t} (5.10)

Let Isub,0 = (Vcell−Veq)Cs/∆t. Isub,0 correlated Vth,0 can be obtained from Eqn. (5.9).
As Isub ∝ e−Vth is a monotonically decreasing function, according to Fig. 5.2 the
yield probability in Eqn. (5.10) is equal to

Y = P{Vth > Vth,0} (5.11)

Furthermore, according to Eqn. (5.9) the threshold voltage corresponding to Isub,0

is

Vth,0 = Vgs − ξVT ln
Isub,0

I0

= Vgs − ξVT ln
(Vcell − Veq)Cs

I0∆t
(5.12)

Therefore, the yield probability in Eqn. (5.11) can be evaluated by using the error
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sign with Isub and Vos included.

function, giving

Y =
1

2
[1 + erf(

Vth,m − Vth,0√
2σvth

)] (5.13)

where Vth,m, σvth are the mean and variance of the threshold voltage of cell transis-
tors, respectively. Evidently, since the error function is a monotonically increasing
function, larger threshold voltage fluctuations give rise to lower yield. When the
threshold variance σvth is a constant, the inverse error function of yield Y gives

−erf−1(1 − 2Y) =
Vth,m − Vth,0√

2σvth

=
ξVT√
2σvth

ln
(Vcell − Veq)Cs

I0∆t
+

Vth,m − Vgs√
2σvth

. (5.14)

The equation suggests erf−1 is a linear function of ln ∆t when other parameters
are constants.

Now take sense amplifier mismatch into consideration as well. When Vos is
present, the probability density function (PDF) of V ′

sign becomes the convolution
of both Vos and Isub PDF functions:

PDFV ′sign =

∫
∞

−∞

fvos(y − x)fIsub(x)dx (5.15)

where fvos, fIsub are PDFs of input offset Vos and cell leakage current, respectively.
The convolution process complicates the evaluation of yield/failure probability.
However, since the distribution of Isub exhibits very large spread compared to
the distribution of Vos especially in the tail part, similar to spectrum characteris-
tic in finite time pulse sampling in signal processing, the convolution can hardly
change the tail’s shape, i.e., when failures appear in the tail, failure events be-
come small probability events and the failure probability can be evaluated from
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Fig. 5.4: The simulated histogram of V ′

sign at ∆t = 100ms, 10s, and 100s.

the distribution of Isub. On the other side, due to the exponential function of Isub,
the distribution near the mean value Isub,m is very narrow as shown in Fig. 5.2,
making the convolution outcome similar to the distribution of Vos. Fig. 5.3 shows
a 216 samples Monte-Carlo (MC) simulated V ′

sign histogram with a 0.044fA av-
eraged sub-threshold leakage source, σvos=10mV Gaussian distributed Vos, 20ms
retention time and Vcell − Veq = 0.6V. The quantile plot proves the assumption
that the body part follows a Gaussian distribution with variance close to σ2

vos.
Because of the limited number of samples, the tail part does not appear in the
MC simulation but it surely exists as will be shown in Fig. 5.4.

Fig. 5.4 shows the simulated histogram of V ′

sign corresponding to different
retention time ∆t (224 samples). When ∆t is small, e.g., less than 100ms, the
distribution of V ′

sign seems to follow a Gaussian distribution with variance ap-
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proximating to σ2
vos. Actually, there is a very long tail extending to −0.04V in

the simulation outcome, though it can not be observed in the histogram plot due
to the small quantity. With the increase of ∆t, the distribution of the tail in V ′

sign

grows larger and becomes more significant as shown in the middle plot. With
even larger ∆t = 100s, the leakage distribution will dominate the distribution of
V ′

sign completely as shown in the top one. The shift of the average of V ′

sign for
different ∆t is determined by Isub,m∆t/Cs. In the demonstration, as the average
of Isub is 0.044fA the shifts corresponding to ∆t = 10s, 100s are approximately
1.5mV and 14.6mV from theoretical calculations. Since the failures come from
the tail distribution of V ′

sign, their probability can be estimated from Eqn. (5.14)
of the leakage distribution.

In normal operations with retention time less than 64ms and a 30fF cell ca-
pacitor, simulations found that the variance of the body part follows a Gaussian
distribution with variance σ2

vos. As a result, the failure probability will be deter-
mined by the distribution of the leakage source and this is the answer to the 1fA
DRAM leakage rule.

Fig. 5.5 demonstrates the relationship between the distributions of V ′

sign and
the cell initial voltage Vcell with 100mS retention time. When Vcell is far from the
equalization voltage Veq, the failure region where V ′

sign < 0 is determined by
the leakage distribution. However, with the decrease of the initial cell voltage
Vcell, the main distribution of V ′

sign move towards y axis and eventually the main
Gaussian distribution dominates the failure probability as shown in the top plot
with |Vcell − Veq| = 100mV.

5.3.4 Effect of multiple leakage sources

In the above discussions, the sub-threshold leakage Isub is taken as an example.
In fact, other leakage components coming from either band-band tunneling or
traps in Si/SiO2 interface will also follow distributions similar to Isub [78, 77] as
they can be expressed in

I = I1exp−αEq

VT
(5.16)

where Eq represents band to band spacing, e.g., the spacing between trap band
and conduction band Et−Ec, and is affected by doping concentration fluctuations.
Like the threshold voltage of transistors, generally Eq is considered to follow
Gaussian distributions. Consequently, the distributions of these leakage currents
will also present tail parts. By comparison with Eqn. (5.9) and Eqn. (5.14) the
inverse error function of yield probability gives

−erf−1(1 − 2Y) =
VT√

2ασEq

ln
(Vcell − Veq)Cs

I1∆t
+

Eq,m√
2ασEq

(5.17)
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Fig. 5.5: The simulated histogram of V ′

sign with different initial cell voltages.

As a general conclusion for leakage sources, Eqn. (5.14) and Eqn. (5.17) both show
the same characteristic in an erf−1 plot:

−erf−1(1 − 2Y) = a0(ln
(Vcell − Veq)Cs

I1∆t
) + a1 (5.18)

where






a0 =
ξVT√
2σvth

a1 =
Vth,m − Vgs√

2σvth

, or







a0 =
VT√
2ασEq

a1 =
Eq,m√
2ασEq

.
(5.19)

In the presence of several leakage sources, the statistical distribution of the
total leakage Ileak becomes more complicated. However, as these leakage compo-
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Fig. 5.6: A typical distribution of V ′

sign within 20ms retention time (The plot
is exaggerated to distinguish the differences between the distributions).

nents are distinguishable in their statistical parameters a0 and a1, there will be
only one dominating the tail part at a given retention time ∆t, and therefore
the failures generated can still be approximated by using the tail distribution of
the dominant leakage source. An example will be shown in Section 5.4. For the
tail part, according to Eqn. (5.10) the yield probability including multiple leakage
components follows the equation

−erf−1(1 − 2Y) = a0[ln[(Vcell − Veq −
Ileak0,m∆t

Cs
)

Cs

I1∆t
] + a1 (5.20)

where Ileak0,m is the sum of the average leakage currents without the one con-
tributing its tail distribution. It may happen that a leakage source with smaller
average value contributes more failures because of its wider tail distribution. Cor-
respondingly, for the body part due to leakage it changes from Eqn. (5.6) to

−erf−1(1 − 2Y) =
Kt(Vcell − Veq − Ileak,m∆t/Cs)√

2σvos

, (5.21)

where Ileak,m is the average of Ileak in Eqn. (5.1). Since the inverse error function
erf−1 is a monotonically increasing function, larger −erf−1(1 − 2Y) means less
failures or higher yield.

The final probability density function of V ′

sign is plotted in Fig. 5.6. With
the retention time ∆t the center of the V ′

sign distribution shifts a little from
Kt(Vcell − Veq) and the amount of the shift depends on the retention time and
Ileak,m which is usually smaller than 1fA.

5.4 MC Simulations vs. Measurements

In this section, Monte-Carlo (MC) simulations with a DRAM sensing behavior
model written in C++ are used to verify the previous analysis. The behavior
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Fig. 5.7: A typical signal margin analysis plot with the cell voltage on x axis
and failures on y axis.

model includes a cell capacitor with three leakage components that have differ-
ent statististical distributions. The array transfer ratio is regarded as a constant
independent of the cell capacitance Cs in the MC simulation. Measured yield
curves from the Signal Margin Analysis [80] (SMA) and retention time analysis
for different arrays are also demonstrated, so as to provide concrete evidence for
the theoretical outcomes.

5.4.1 Sensing yield vs. Initial cell voltage

The signal margin analysis corresponds to the sensing yield vs. the initial cell
voltage simulation by the MC model. As mentioned in Chapter 2, when cells
in an array contain regular data sequences like all ’0’, all ’1’ or ’01’ alternating
patterns, their developed voltage differences during pre-sensing will be identical
in amplitudes due to the regular data pattern and the same cell signal amplitude
|Vcell−Veq| for all ’0’ or ’1’ data. The signal margin analysis utilizes these patterns
to verify whether the core circuits meet the electrical yield requirements in the
presence of parasitics, crosstalk, and parameter variations.

In such analysis the cell capacitors in an array are charged to a given signal
amplitude. For example, in folded bitline arrays the worst pattern is all ’0’ or all
’1’ pattern, and therefore the cells will be charged to a voltage level deviating from
perfect ’1’s or ’0’s before sensing is proceeded. The sensing failures corresponding
to the given cell voltage can be obtained. When the voltage is swept over the
full voltage range failures can be recorded as shown in Fig. 5.7. Since worst
case patterns are usually applied to signal margin analysis, this method is very
reliable. By the same means, when the ’01’ alternate pattern is given to an open
bitline array and by sweeping the cell signal amplitude, a plot similar to Fig. 5.7
can be obtained. As will be discussed later, since the expected Vsign amplitudes
developed for all bitline pairs are identical in the signal margin analysis, the
Gaussian approximation can be applied to the array when different variations
are involved. As a result, the failure probability from a signal margin analysis
actually corresponds to the process described in Fig. 5.5.

Apparently, in the signal margin analysis and the MC simulation, if the data
retention time is fixed within 64ms, the yield/failure probability exhibits a trend
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that can be observed from Fig. 5.5: as the cell signal |Vcell−Veq| is much greater,
the yield is dominated by the leakage distribution; With the decrease of the
cell signal |Vcell − Veq|, the yield is eventually determined by the sense amplifier
mismatch, the array parameters and structures.

In the following plots, as before in order to observe the relationship between
the yield/failure and all kinds of parameters, inverse error function is used. In
addition, as the yield probability of sensing ’1’ states is equal to the failure prob-
ability of sensing ’0’ states and vice versa, in following simulations only the ’0’
states failure probability F is presented and the mismatch equivalent input offset
Vos is 10mV with Veq = 0.6V for all MC simulations.

Fig. 5.8 shows the change of −erf−1(1 − 2F) versus the initial cell voltage
Vcell and the retention time ∆t. The transfer ratio Kt is a constant independent
of cell capacitance Cs in the simulation. From the theoretical model in the previ-
ous section, when Vcell is close to Veq the sense amplifier mismatch dominates the
failure probability; Otherwise, the leakage dominates. As shown in the picture,
main and tail parts which come from Eqn. (5.21) and Eqn. (5.20) can be easily
distinguished. When the retention time increases exponentially, −erf−1 rises lin-
early, in full accordance with the theoretical calculations. In the MC simulations
a total number of 222 samples is included. Obviously, the theoretical calculations
are much better than the MC simulations in both speed and accuracy - With
∆t=20ms and 222 samples the failure probability in the region Vcell < 0.2V is
already too low for MC simulation to detect, whereas theoretical calculation can
reveal the right trace within short time.

The dependency of failure probability on cell capacitance Cs suggested in
Eqn. (5.20) is depicted in Fig. 5.9 with Cs varying from 20fF to 40fF. Because
of the logarithmic relationship between −erf and Cs, the probability change due
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to Cs changing is not significant. Because the array transfer ratio Kt remains
constant in the MC simulations, the body parts corresponding to different Cs

values overlap each other.

Fig. 5.10 compares the failure probability for different transfer ratios. As
described in Eqn. (5.3) Kt is a very important parameter in DRAM core design
because it determines the available voltage difference Vsign that will be compared
to the input offset Vos introduced by the sense amplifier mismatch. Since the
failures in tail part result from statistical parameters of leakage components from
Eqn. (5.20), the MC simulations exhibit separate body parts but overlapping tail
parts. The outcome also suggests that in a mature DRAM technology, the number
of failures in the tail part, or the required redundancies for a given number of
cells can be estimated independently of the array structure and parasitics (e.g.,
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open or folded bitline array, long or short bitlines, bitline parasitics capacitance
Cbl or the mismatch of sensing transistors) since they mainly originate from cell
leakage.

A erf−1 versus Vcell plot from a signal margin analysis for 90nm volume
products is exhibited in Fig. 5.11. The plot is obtained by changing the cell
storage voltage and recording the corresponding failure counts, then transforming
the failure counts to probability as have been done before in the MC simulation
plots. Evidently, the body part and the tail part can be fitted to theoretical
estimations. σvos and the leakage properties can be easily obtained from the
extracted parameters. The plot also reveals that the leakage in ’0’ cells is more
significant than in ’1’ cells.

Fig. 5.12 gives another erf−1 vs. Vcell plot obtained from the signal margin
analysis of a 75nm volume product. This time measurements are carried out with
two array structures: 512 cells per bitline (LBL) and 256 cells per bitline (SBL)
array. Because of the different bitline length and the resulted bitline capacitance
Cbl, the two arrays have different Kt and as a result their body parts separate
from each other. However, since they are based on the same technology, their tail
parts show almost the same failure characteristics, in agreement with Fig. 5.10.
Nevertheless, the asymmetrical characteristics of tails for ’0’ and ’1’ sensing sug-
gest that the leakage distributions are different for ’0’ and ’1’ cells, which agrees
well with the previous analysis. From Fig. 5.12 the yield/area trade-off can also
be noticed. Due to the doubled number of sense amplifiers the SBL array is less
area efficient than LBL array. Furthermore, as leakage dominates the failures in
the tail part, the electric yield of LBL is almost identical to SBL for Vcell close to
the rail voltage. In other words, LBL shows a better yield/area trade-off than the
SBL design in this region. The same method can be used to optimize the design
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of sense amplifiers, because downscaling of sense amplifiers will change the body
part while keeping the tail untouched. In a yield/area optimized design, the body
part curve can be pushed away from Veq by reducing the width and length of the
sensing transistors at the same time. As shown by the dashed lines in Fig. 5.12
for giga-bit DRAM designs, the tail part and body part in −erf−1(1 − 2F) plot
are both expected to be well below −5, which corresponds to a failure probability
less than 1 parts per trillion (ppb), so that the average required redundancies per
die is low enough.

As previously expressed in Eqn. (5.21), when retention time ∆t rises the
body part will shift a little from Veq. Fig. 5.13 shows a measured erf−1 vs. Vcell

plot with longer ∆t. With the same array, sense amplifiers and technology but
different values of cell capacitances, besides different slopes due to the change of
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transfer ratio that is dependent of Cs, the failure probability plot gives different
horizontal shifts in their body parts. According to Eqn. (5.21), the shifts are
inversely proportional to the values of cell capacitances, which agrees well with
the measured outcomes. Due to the limited number of measurable samples, the
tail part of 29fF array fails to be detected, while it can be estimated from the tail
part of the array with 21fF cell capacitances. By Eqn. (5.20) the 29fF tail part
can be obtained as drawn in the figure.

5.4.2 Data retention plot

The retention time analysis is different from the signal margin analysis in that
the initial cell voltage Vcell stays at Vdd and the retention time ∆t is swept to
observe the corresponding failure probability here. The yield/failure probability
is then mainly determined by the statistical characteristics of the cell leakage as
implied by Fig. 5.4. A typical retention time plot is formed as shown in Fig. 5.14
obtained from the measurements of a 90nm volume product.

From Eqn. (5.18) it is known that when the failure probabilities are trans-
formed by the inverse error function and plotted against ln ∆t, several line seg-
ments will be observed. Each line segment represents a unique leakage source in
cells. Fig. 5.15 gives the transformation of Fig. 5.14 together with analytical es-
timations from Eqn. (5.20) and 224 samples MC simulations with leakage sources
Is1, Is2 and Isub included. Obviously, the theoretical calculations from Eqn. (5.18)
and Eqn. (5.20) show almost the same outcomes as drawn in the plot. It em-
phasizes the point addressed in the previous section that: a) In a multi-leakage
environment only one leakage component dominates at a given ∆t; b) All leakage
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components follow Log-Norm distributions. A small offset between the calcula-
tion and MC simulation or measures appears when ln ∆t is greater than two. By
removal of leakage source Is2 in MC simulation, the theoretical calculation is in
agreement with MC simulation again. As a result, this offset is caused by Is2 that
is neglected in the theoretical model in multiple leakage environment. However,
this offset is small as shown in Fig. 5.15.

It is interesting to see that both retention time and Vcell plots may contain
the same leakage distribution. Since Fig. 5.15 and Fig. 5.11 come from the same
volume product, by extracting the tail distribution from Fig. 5.11, another dash-
dotted line can be drawn in Fig. 5.16. Although there is a small shift due to the
failure contribution of Is1, it still can prove that the tail in Fig. 5.11 comes from
the leakage source Is2 in Fig. 5.16 because of their almost identical slopes.

By comparing the leakage parameters to some earlier publications [78, 77, 75],
neither Is1 nor Is2 in Fig. 5.16 belongs to sub-threshold leakage. By an active
retention analysis, in which the array is frequently operated a new line segment
appears as shown in the unfilled triangles in Fig. 5.16. This is supposed to be the
sub-threshold leakage Isub of the cell transistors because in active mode wordlines
toggle frequently and introduce coupling noise to the transistor gates of retention
cells. When the wordline noise is approximated by a Gaussian distribution, it
can be directly added to the variance of Vth, thus enlarging the distribution of
Isub significantly and resulting in a much smaller |a0| and |a1|. Since in normal
operation the retention time is limited with 64ms, Isub is actually more important
than others, and therefore a quiet array with less wordline coupling noise is more
favored for future DRAM technologies.
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5.5 Summary

In this chapter, the leakage induced failures in DRAM core are modeled and for-
mulated. Different from earlier publications, this model reveals that the sensing
failures come from both sense amplifier mismatch and leakage sources. To op-
timize the yield-cost trade off, both parts need to be taken into consideration.
The number of redundancies in DRAM core is largely determined by the leakage
source that can be characterized in a retention plot with erf−1 axis. In addition,
the model reveals that the leakage induced failures are strongly technology de-
pendent, i.e., they are almost independent of sensing methods, array structures
(bitline structures), signal transfer ratio Kt or sense amplifier mismatch. In a
mature DRAM technology, the required number of on die redundancies can be
estimated according to Eqn. (5.20).

A DRAM design-for-yield procedure is implicitly proposed. In order to op-
timize the yield, it is known that first of all, the DRAM technology is required
to deal with leakage in cells. For designs of 1Gb or beyond, the leakage induced
yield degradation within the specified retention time should be less than -5 in the
−erf−1(1 − 2F) format, which corresponds to less than 1ppb failure or 6σ yield
probability.

Based on the conclusions, the sense amplifier and core structure related yield
performance becomes less dependent on cell leakage, and thus can be discussed
individually with a Gaussian approximated linear procedure. As shown in the
next chapter, by a linear statistical model the yield of a DRAM core array in
consideration of array structures, array parasitic, array coupling and sense am-
plifier mismatch can be estimated and optimized for future technologies.



Chapter 6

DRAM Core Yield Analysis and
Optimization

6.1 Introduction

The compact DRAM core circuits have to face a number of variations and para-
sitic artifacts, being much more sensitive than the peripheral circuits with their
relaxed structure size. Many publications [26, 20] are looking for new array struc-
tures and sensing methods that can give larger signal amplitude Vsign during
pre-sensing and reduce the bitline to bitline coupling during post-sensing. The
worst case analysis methodologies are usually used to analyze the robustness of
the circuits. However, the outcome of the worst case outcome can never be di-
rectly applied to estimate or optimize the yield of the DRAM core design unless
the time consuming Monte-Carlo (MC) simulations are performed. With very
small failure probability (e.g. < 10−12 or 1ppb) and so many replica devices, MC
simulation is usually not appropriate means. Empirical methods [68] are more
practical and favorable for analysis and estimation of the DRAM core yield. The
disadvantage is that it can only be carried out on fabricated chips, and therefore
contributes little to either discovering the sources of the failures, or guiding the
design of novel DRAM technology, array structure and sense amplifiers in ad-
vance. Besides, the design-fabricate-test iteration obviously slows down the yield
ramp-up speed for a new DRAM design.

In Chapter 5, the signal margin analysis is introduced. Based on the sig-
nal margin analysis, a linear statistical model will be developed here to analyze
and optimize a DRAM core design. Different from earlier publications [26, 20],
based on the accurate voltage difference Vsign for different array structures dur-
ing pre-sensing obtained from a charge conservation model in Section 2.2 and
the post-sensing coupling model in Section 2.3, the linear yield model can pro-
vide accurate and concrete results in the presence of parasitics. Besides that, the

109
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Fig. 6.1: A linearized sensing process

speed of the analytical yield model is superior to other simulation based design
methodologies. In contrast with other DRAM yield analysis methods, this ana-
lytical signal margin analysis yield model exhibits a straightforward view on the
core yield dependency of all kinds of effects including cell capacitance variation,
sense amplifier mismatch, bitline array structure, array core voltage. DRAM core
designs can thus be optimized systematically in consideration of yield related
trade-offs.

6.2 Statistical Linear Sensing Process

Based on the voltage sensing process mentioned in Chapter 2, a simplified linear
sensing procedure is drawn in Fig. 6.1. As depicted in the firgure, first of all the
cell is subjected to leakage. The pre-sensing process scales the cell effective signal
amplitude |Vcell − Veq| by a factor of Kt down to the bitline voltage difference
Vsign. The sense amplifier mismatch equivalent input offset Vos is then added
to Vsign, which is eventually fed to an ideal sense amplifier that behaves like a
comparator according to Section 4.3. Since there are only two output states for
a comparator, the sensing ends up with a ’0’ or ’1’. The corresponding sensing
process is illustrated in Fig. 6.2. Sensing failure appears when the bitline voltage
difference changes its polarity during the sensing process as implied in (b).

Vsign

WL

VBLn

VBLbn

Equalization

Pre-sensing

Post-sensing

WL

VBLn

VBLbn

Equalization

Pre-sensing

Post-sensing

Fig. 6.2: Sensing process consisting of pre-sensing and post sensing proce-
dures: (a) a successful sensing process (b) an erroneous sensing process.

Obviously, since the transfer ratio Kt depends on the array capacitance ratio
and the amplitudes of Vsign for different sensing pairs are identical when the entire
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array is under signal margin analysis, the final yield of an array is determined
by the distribution of Vos and leakage as discussed in Chapter 5 in this model.
Furthermore, in Section 5.3 it has been stated that in a signal margin plot there
will be two different parts - the leakage determined tail and the array determined
body part; The Gaussian shape is preserved in the body part in normal operation
with less than 64ms retention time; The tail part is found to be independent of
the array structure, parameters or sense amplifier design.

Apparently, the above conclusions are valid only with reasonable statistical
distribution of Vos, or the yield of the array will be completely determined by
the main distribution and the leakage induced failure degradation can never be
observed. As a consequence, in this chapter the main target is to analyze the
main distribution from the linear model in Fig. 6.1 with zero cell leakage, so
that the main Gaussian distribution can be optimized with small enough failure
probability, for example, 10ppb for 1Gb DRAM design. However, as a matter
of fact the model in Fig. 6.1 is too simple to be used to analyze and estimate
the yield of DRAM core arrays comprising side effects such as the capacitance
variations and the post-sensing cross-talk couplings.

As described in Section 2.1, the overall sensing process is divided into pre-
sensing and post-sensing. In the post-sensing the bitline to bitline cross-talk cou-
pling can seriously influence the yield of array especially in signal margin analysis
with worst pattern. Since in signal margin analysis all bitline pairs are expected to
develope an identical Vsign in pre-sensing, the coupling model in Section 2.3 fits
well into the situation: When Vos is taken into consideration, the effective voltage
difference V ′

sign in Fig. 6.1 becomes randomized and the majority of weak pairs is
supposed to be between two pairs with nominal voltage difference obtained from
Eqn. (2.28) in Section 2.2.

As modeled in Section 2.3, suppose a pair with initial voltage difference
va is surrounded by other two sensing pairs with initial voltage difference vb,
according to Eqn. (2.42) the center pair’s equivalent initial voltage changes from
va to va − vb · Kcpl due to the post-sensing coupling, where Kcpl in Eqn. (2.43)
is the post sensing coupling coefficient. Thus the post-sensing coupling can be
linearized with gain and offset. Therefore, when leakage is removed and the post-
sensing coupling is comprised into Fig. 6.1, the linear sensing process results in
a model as shown in Fig. 6.3, where Vcpl and Kp are offset and gain caused by
the post-sensing coupling.

Obviously, when variabilities are Gaussian approximated the yield of an ar-
ray from the linear process can be expressed by the error function as discussed
in Section 4.1 and Section 5.3. Fig. 6.4 demonstrates the evolution of the distri-
bution from the initial cell voltage Vcell − Veq to the failure probability for 0 cells
during signal margin analysis:

With the assumption that the capacitance variations have independent Gaus-
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Fig. 6.3: The modified linear model including gain Kp and offset Vcpl caused
by post-sensing coupling in SMA

sian distributions (Suppose capacitor leakage does not exist), the developed volt-
age difference Vsign will follow a Gaussian distribution with expectation µ and
standard deviation σ1 for a large number of bitline pairs. µ is array structure
dependent as shown in Eqn. (2.28). From Eqn. (2.28) and Eqn. (4.9), the variance
of Vsign is approximated by:

σ2
1 = [

∑

i

(
∂Kt

∂Ci

)2σ2
Ci](Vcell − Veq)

2 (6.1)

where Ci represents array capacitances Cs, Cbl and Cbl2bl. As an example, Fig. 6.5
shows a MC simulated Vsign. Here Cs and Cbl variations are included and supposed
to follow Gaussian distributions with 30fF, 70fF mean and 1.5fF, 3.5fF standard
deviation, respectively. By calculation, the standard deviation σ1 = 0.089mV,
which is identical to MC simulations. In fact, the variation of Vcell − Veq can
also be included in σ1. However, as Vcell is supposed to be rather stable, this
fluctuation is neglected here.

As discussed in Section 4.3, the mismatch inside sense amplifiers can be re-
placed with input offset Vos and statistically this offset voltage follows a Gaussian
distribution with zero mean and variance σ2

vos [81]. The addition of Vos to the de-
veloped signal Vsign results in a new Gaussian distribution (µ, σ2) as illustrated

Vcell − Veq µ 0 Voltage

pre-sensing

mismatched SA

post-sensing

PDF

Fail region

Gaussian (µ, σ1)

Gaussian (µ, σ3)

Gaussian (µ, σ2)

coupling

Fig. 6.4: Evaluation of the variance and probability of failures corresponding
to Vcell in signal margin analysis
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Fig. 6.5: MC simulated Vsign shows the same standard variation as theoret-
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in Fig. 6.4 with

σ2
2 = σ2

1 + σ2
vos (6.2)

When ideal sense amplifiers are replaced by comparators with zero offset, the
probability of failures becomes the area under each individual Gaussian curve
on the right side of x = 0. As Fig. 6.4 implies, the failure probability rises
significantly after introduction of Vos.

Finally, the effect of post sensing coupling has to be considered as the cou-
pling will further enlarge the variance of the effective voltage difference as implied
by Fig. 6.4. Since the voltage Vsign+Vos in Fig. 6.3 for each bitline pair in the
worst pattern case is nominally equal, statistically each pair will have an inde-
pendent Gaussian distribution G(µ, σ2). Furthermore, according to Eqn. (2.42)
due to the crosstalk coupling the effective input of each pair is a combination of
the initial input of it and its neighbors, i.e., v′

a=va-Kcplvb. In the worst pattern
case, the initial inputs of all the pairs follow the same characteristic, which gives
µva=µvb=µ and σva=σvb=σ2. Consequently, the effective signal V ′

sign in Fig. 6.3
including post-sensing coupling effect results in a variance

σ2
v′sign = σ2

va + σ2
vb · [K2

cpl + (vb
∂Kcpl

∂vb

)2]

≈ (1 + K2
cpl){σ2

vos + [
∑

i

(
∂Kt

∂Ci

)2σ2
Ci](Vcell − Veq)

2} (6.3)

and a mean

µv′sign = µva − µvb · Kcpl = µ(1 − Kcpl) (6.4)

As a result, the effect of post sensing coupling is equivalent to a process in which
the Gaussian distribution G(µ,σ2) of the input voltage difference Vsign+Vos is
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first scaled to the Gaussian distribution with mean µv′sign and variance σ2
v′sign,

and then pass through an ideal post-sensing process without crosstalk coupling.
Since the failure probability will not change when both the mean and standard
deviation of a Gaussian distribution are scaled, to simplify the calculation process,
µv′sign is scaled down to µ, and the variance σ2

v′sign is transformed to σ2
3 as in

Fig. 6.4 with

σ2
3 =

(1 + K2
cpl)

(1 − Kcpl)2
{σ2

vos + [
∑

i

(
∂Kt

∂Ci
)2σ2

Ci](Vcell − Veq)
2} (6.5)

Therefore, the post sensing coupling in signal margin analysis can be considered
as a linear transformation that keeps the shape of the Gaussian distribution
unchanged as implied by Fig. 6.4. The final failure probability for a give Vcell is
obtained by using the error function as before:

F(Vcell) = 1 − Y =
1

2
[1 − erf(

µ√
2σ3

)] (6.6)

Conversely, the standard deviation corresponding to a given failure probability is

σ3 =
µ√

2erf−1(1 − 2F)
(6.7)

where µ is the nominal value of Vsign.

Fig. 6.6 compares σ3 theoretically calculated from Eqn. (6.5) with the one
transformed by Eqn. (6.7) from SPICE Monte-Carlo (MC) simulations to verify
the post sensing coupling model for signal margin analysis. Obviously, the MC
simulations agree with the conclusion that in signal margin analysis the post
sensing coupling will preserve the Gaussian characterisitc originating from the
input. Since the failure probability varies with Cbl2bl to Cbl ratio, the confidence
region of a N sample MC simulation becomes wider with the increase of the failure
probability as has been discussed in Section 1.5, and the simulation outcomes
scatter gradually in the figure correspondingly.

Eqn. (6.5) also exhibits that σ3 is dependent of the initial cell signal |Vcell −
Veq|: When Vcell approaches Veq, σ1 is close to zero and σ3 approximates to a
fraction of σvos, which is almost a constant if the post-sensing coupling is not
severe; when Vcell is far from Veq, σ1 comes into play and σ3 grows with |Vcell−Veq|.
However, some calculations show that the capacitor related variation σ1 is always
smaller than the sense amplifier mismatch σvos at Vcell = 0 for a DRAM core as
shown in Fig. 6.7 even with an aggressive capacitance variance, e.g., σCs/Cs=9%.
For typical DRAM designs with σvos = 10mV and Vdd = 1.2V, σ1 only gives 5mV
at Vcell = 0V with a capacitance standard deviation σCs/Cs = 6%. The conclusion
rules out the chance that the tail part of a measured signal margin analysis
may come from capacitor variations and highlights the conclusion obtained in
Chapter 5 that cell leakage is the major source for producing the tail part.
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6.3 Yield Estimation vs. Measurements

To verify the validity of the linear Gaussian model, signal margin tests are carried
out for different arrays of 75nm 8F 2 products. To make it easier to compare the
test outcomes with the analytical estimations, Eqn. (6.6) is transformed into

Vsign√
2σ3

= erf−1(1 − 2F) (6.8)

where the left side term can be calculated from Eqn. (2.28), Eqn. (6.5) and the
right side term comes from signal margin tests. The parameters as mean and
variance of the capacitances and the mismatch of transistors are obtained from
other technology measurements.
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Fig. 6.8: Theoretical calculations vs. Measurements for designs in 75nm
technology with different cell capacitor values.

6.3.1 Arrays with different cell capacitors

Fig. 6.8 compares the calculated values to the data obtained from a signal margin
analysis for a multi-twisted folded array with multiplexers. The plot consists of
two tests for two different designs with the same array and sense amplifiers but
different Cs, which are 21fF and 29fF, respectively. Meanwhile, all capacitances
are assumed to have 5% mismatch in calculations. Because the 29fF cell capacitor
has a larger transfer ratio Kt, the angle of its slope is greater in the region near
Veq. Obviously, both curves fit the theoretical calculations from the linear signal
margin model well when Vcell is close to Veq. Divergence happens when |Vcell−Veq|
is raised higher than 200mV. According to Chapter 5 and the previous analysis,
the yield in these parts are determined by the cell leakage.

6.3.2 Long vs. Short bitline arrays

Fig. 6.9 gives comparisons between estimated and measured data for different
array structures with the same cell capacitor, sense amplifiers and multiplexers.
Long Bit Line (LBL) represents 512bits per BL, multi-twisted folded arrays and
Short Bit Line (SBL) represents 256bits per BL, none-twist folded arrays. From
calculation, Kt of SBL is more than 1.62 times larger than Kt of LBL. Like before,
the calculations fit well within the critical region near Veq. Although the failure
drops with SBL, due to the increased total number of sense amplifiers the cost
goes up. However, the area of sense amplifiers in SBL can shrink further down
by pushing its curve to the position near the LBL curve. A detailed example
illustrating how the yield, supply voltage and area trade-offs are optimized by
the yield model will be given in the following Section 6.4.
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Fig. 6.9: Theoretical calculations vs. Measurements for long bitline array
(512 cells/BL) and short bitline array (256 cells/BL) with the same cell
capacitance and sense amplifiers in 75nm technology.

6.4 Yield Estimation for Future DRAM Core

6.4.1 8F 2, 6F 2 and 4F 2 arrays

The yield model in Section 6.2 can be applied to predicting the yields of any
DRAM technology and array structure. Fig. 6.10 demonstrates a plot comparing
the yield performance of different arrays. In this comparison, the minimum wire
pitch is supposed to be the same, and bitline of each technology has 512 bits
with 1.2V core supply voltage. Here, 4F 2 cells are supposed to have 1 unit bitline
and wordline pitch but without any physical implementation. 8F 2 folded bitline
arrays with and without multiple twisted techniques are included. Shielded open
bitline arrays are supposed to be used in both 6F 2 and 4F 2 cell arrays.

As shown in the figure, owing to smaller inter-bitline capacitance Cbl2bl in
shielded open bitline arrays, large yield improvements can be observed for shielded
open bitline arrays with 6F 2 and 4F 2. In addition, since the lengths of bitlines in
open bitline arrays with 6F 2 and 4F 2 cells are scaled down by factors of 3/4 and
1/2 from folded bitline array with 8F 2 cells, respectively, the open bitline arrays
have smaller bitline capacitance and thus larger transfer ratio. However, without
bitline shielding or the bitline to bitline coupling capacitance can not be removed
completely, the open bitline arrays suffer from severer post-sensing coupling and
their yields become relatively low.

6.4.2 Sense amplifier optimization

Fig. 6.11 illustrates the effect of another technology trend in DRAM core - re-
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Fig. 6.10: Estimated Vsign/σ3 for 8F 2 cell multiple twisted folded, normal
folded, 6F 2 and 4F 2 cell open bitline arrays with the same wire pitch, 512
bits per bitline and 1.2V core supply.

duction of core supply voltage. The calculations are done with the cell voltage
Vcell fixed at 0.1V, which is reasonable in consideration of leakage and cell volt-
age fluctuations. Assume a qualified design should have Vsign/σ3 of maximum
−6. The model provides now the minimum core supply voltage Vdd requirements
for different arrays with 10mV σvos of sense amplifiers. Due to the previously
mentioned effects the arrays with 8F 2 cells need a supply voltage of 1.2V while
shielded open bitline arrays with 6F 2 cells achieve the same goal with only 1V.

When the supply voltage further drops down to 0.9V, in order to meet the
yield requirement of −6, the 6F 2 cell arrays have to decrease the sense amplifiers
mismatch σvos from 10mV to 8mV, resulting in an increase of the sensing transis-
tors gate area by a factor of (10/8)2 ≈ 1.56 according to equation σVth

= A/
√

WL
[58, 60]. However, the use of open bitline arrays with 4F 2 cells points out another
way to reach this goal without increasing the area of the sense amplifiers. These
demonstrations show the trade-offs between yield, supply voltage, area and cost
in DRAM core design.

It is noticeable that the above examples are applicable only for on-die varia-
tions. When wafer to wafer or lot to lot variations are dealt with, the mean values
of the used parameters can be assumed to vary in a range, e.g. Cs = 25 ± 2.5fF,
σvos = 10 ± 1mV, etc. Thus, the signal margin analysis model built here can
systematically optimize DRAM core design with enough safe margin.
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6.5 Summary

In this chapter, by separating the leakage induced yield degradation from the
overall yield, a hierarchical statistic signal margin analysis model is developed
based on the linear sensing model in Fig. 6.3 and the statistical characteristics
of different blocks from the previous chapters: The cell effective voltage |Vcell−Veq|
is scaled down by the array factor Kt during pre-sensing; Due to variations of
array capacitances, the downscaled voltage Vsign follows a Gaussian distribution;
The input offset voltage with a Gaussian distribution determined by the sense
amplifier mismatch is added to Vsign before post-sensing; The bitline to bitline
post-sensing coupling effects in signal margin analysis can be regarded as a gain
applied to the initial input variance; and in the final the analytical yield expres-
sion is obtained for the body part that is determined by the array parameters,
structure and mismatch of sense amplifiers.

It is also found that the variation in cell capacitor is found to have less impact
on yield performance. It is the developed signal amplitude Vsign in pre-sensing
phase, the mismatch of sense amplifiers and the post sensing coupling that deter-
mine the electric yield of DRAM core. The model estimated yields for different
parameters and array structures are well in agreement with the measurements
from different signal margin analysis, proving its accuracy and effectiveness. Fi-
nally, the impact of current DRAM technology trends on yield is evaluated by
the model, and the good accuracy of the model can facilitate the optimization
of core supply voltage and sense amplifier area, lowering the product costs. The
analytical model provides a powerful tool for yield estimation of future DRAM
technologies and novel array structures with lower cost, and a guide to design for
yield of DRAM core circuits.



Chapter 7

Conclusions and Outlook

With the advances of semiconductor technology, the minimum feature size of
on die devices becomes ever smaller, whereas the increase of single die size still
continues. Yield and cost balance gradually comes to be the most important issue
for all semiconductor companies. In order to address the increasingly important
trade-off between yield and core circuit area, strong efforts have to be taken
in technology optimizations, circuit simulations and device testing. Obviously, a
more economic procedure would be beneficial.

In this thesis, conventional circuit design is combined with statistical prob-
ability analysis. It gives rise to a statistical circuit design methodology that can
be applied to DRAM cores. In order to form the hierarchical model, the devel-
oped voltage amplitude Vsign for different arrays with parasitics is acquired by a
charge conservation model first; Post-sensing coupling is analyzed with a circuit
model, which fits in the signal margin analysis situation; the mismatch of sense
amplifiers is referred back to input as Vos and its statistical characteristics are
evaluated; The cell leakage induced yield degradation is also investigated and the
outcomes discover that a) the cell leakage components are following Log-Norm
distributions, b) the yield loss due to the cell leakage and core circuit design can
be separated, c) however, both needs to meet the yield requirement; Based on
the equations and approximations, a systematic analytical yield model is even-
tually produced. By using the model, the relationships between yield and other
design parameters are revealed, so that different trade-offs in DRAM core can be
balanced in an intuitive and explicit way.

Statistical design methodology is promising not only for DRAM cores but
other large volume memories such as SRAM, Flash and Phase Change memory
as well. Due to the thousands of millions of replicas of devices inside a single
die for these chips, statistical design can provide the lest time-to-market cycle
together with less cost. Although a new statistical model for every type of mem-
ory is required, the methods, equations and experiences obtained here are still
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beneficial.

Based on this dissertation, further improvements may be carried out in the
future. The most significant one is the sensing timing issue that is not addressed
statistically here. Actually, it is more important for SRAM and has been statisti-
cally analyzed as shown in [82, 83, 84]. Similarly, it can be included and modeled
for a DRAM core, but some new statistical distributions are indeed required. Sta-
tistical analysis of power consumption [85, 86, 87] is also a topic in consideration
of the increasingly stringent power budgets. Because of the complexity of the on
die device variations, it is worth of more investigations.
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